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ABSTRACT

This dissertation describes circuit design techniques for CMOS temperature-compensated relaxation oscilla-
tor and low-noise ring oscillator. The proposed temperature compensation technique employs temperature-
dependent circuit elements in a relaxation oscillator to compensate for frequency shifts due to changes in
ambient temperature. The proposed temperature-compensated relaxation oscillator employs the current con-
trolled topology with a resistive source-degenerated transconductor and a current comparator to achieve high
oscillation frequency and low power dissipation. The relaxation oscillator was designed and optimized with
process parameters from a standard 0.35-μm CMOS technology and a 2.5-V single power supply voltage. Post-
layout simulation verified that the circuit achieved the oscillation frequency in the order of tens of MHz with
Sub-100 ppm/oC frequency variation over a temperature range of −40 to +120oC.

In the design of low-noise ring oscillator, a new self-biased current-starved inverter delay cell is proposed to
reduce phase noise due to the up-converted 1/ f noise. The self-biased delay cell incorporate the switched
biasing technique to reduce MOSFET’s 1/ f noise. The proposed ring oscillator was designed by using process
parameters from a standard 0.35-μm CMOS technology and a 3.3-V single power supply voltage. Simulation
results showed that the proposed ring oscillator exhibited lower phase noise comparing to the conventional
current-starved ring oscillator.
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Chapter 1

Introduction

1.1 Motivation

This dissertation is concerned with the design of CMOS temperature-compensated relaxation oscillator and
low-noise ring oscillator. Emerging short-range, low-cost, and low-power wireless communication systems,
such as wireless sensor and body area networks [1, 2], have relaxed performance requirements for radio
transceivers. These systems have recently prompted research and development of highly stable and accurate
integrated oscillators as a replacement of the reliable quartz crystal oscillators. For a reference frequency of
less than 100 MHz, relaxation oscillators, ring oscillators, and the Wien bridge oscillators can be employed to
achieve high frequency stability and low power dissipation.

The oscillation frequency practically varies with process parameters, power supply voltage, and temperature.
The frequency variations due to power supply voltage can be minimized by using a voltage regulator, while
the variations due to process parameters can be compensated by trimming of resistors and capacitors. Thus,
the temperature stability of oscillation frequency is very critical during operation in order to minimize timing
uncertainty. The temperature stability of fosc of the relaxation oscillator is typically due to the temperature
dependence of RC time constant and the delay times of comparator and flip-flops.

Oscillators are key building blocks in integrated transceivers, which consist of the receiver and transmitter.
The receiver front-end selects, amplifies and converts the desired high-frequency signal to baseband. At base-
band the signal can then be converted into the digital domain for further data processing and demodulation.
The transmitter front-end converts an analog baseband signal to a suitable high-frequency signal that can be
transmitted over the wired or wireless channel. Given the wide range of applications of wireless transceivers,
oscillator specifications differ greatly for each transceiver. The challenge for the oscillator designer is to find
the right oscillator topology and to define its dimensions in a limited time, so that the oscillator meets the
requirements imposed by the transceiver in which it is embedded.

This research work investigates the circuit design techniques for CMOS temperature-compensated relaxation
oscillator and low-noise ring oscillator.

1.2 Scope

This dissertation is involved with the theory, analysis and design of CMOS temperature-compensated relaxation
oscillator and low-phase noise CMOS ring oscillator.

1
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The first part of this research is concerned with the design of a CMOS relaxation oscillator with oscillation
frequency above 20MHz and low power dissipation. A method of temperature-compensated biasing is adopted
to achieve very low frequency variation over a wide range of temperature. For many applications, such as
implantable biomedical electronics or wireless body area networks, the accuracy requirements of the frequency
reference are much less stringent and, in the order of a few hundred ppm/oC. Thus it is feasible to use a
well-designed relaxation oscillator to replace crystal oscillator for frequency reference generation.

Ring oscillators are key building blocks in integrated transceivers and can be used as a voltage controlled
oscillator (VCO) in low-power frequency synthesizer . The second part of this research is focused on the
design of a low noise CMOS ring oscillator.

1.3 Outline of the dissertation

This dissertation is a compilation of several experimental investigations. Each major investigation is designed
to refine techniques for low phase noise and high frequency stability of oscillators. The dissertation is organized
into five chapters.

Chapter 1 presents the motivation, scope and outline of the dissertation.

Chapter 2 covers some of the basic and background theories related to this dissertation .

Chapter 3 describes the design and simulation results of the proposed temperature-compensated CMOS re-
laxation oscillator. It also points out the design optimization issues for low frequency variation relaxation
oscillator.

Chapter 4 describes the design and simulation of a low-phase noise CMOS ring oscillator. The ring oscillator
was fabricated in a 0.35µm CMOS technology and measurement results are reported.

Chapter 5 describes the conclusion of the dissertation.



Chapter 2

Integrated RC Oscillators

This chapter describes with the general principles for analysis and design of oscillator circuits. The chapter is
organized as follows. The basic theory and principle of oscillators are described in section 2.1 Section 2.2 and
2.3 describe the types and the characteristics of oscillator circuits, respectively. Conclusion is given in section .

2.1 Basic theory of oscillators

Oscillators can basically be characterized and modeled by using a linear feedback system. Figure 2.1 depicts
a linear feedback model of a oscillator circuit, which consists of an amplifier H ( jω) and a frequency-selective
network β ( jω) connected in a positive feedback loop. A simple analysis shows that the transfer function of
the feedback system can be written as

Yout( jω)

Xin( jω)
=

H( jω)

1−H( jω)β ( jω)
(2.1)

where H( jω) is transfer function of the amplifier and β ( jω) is the transfer function of the frequency selective
network. Let us define the loop gain L( jω) as

L( jω) = H( jω)β ( jω) (2.2)

According to the standard oscillator definition, this system must have a finite output even in the absence of an
input signal. From the above equations, it is easily seen that this condition occurs if the transfer function in (2.1)
converges to infinity at a specific frequency, implying that the loop gain L( jω) should be equal to one at this
frequency. Thus the magnitude of the loop gain should be equal to unity and the phase of the loop gain should
be an integer multiple of 2π for the feedback loop to provide stable oscillation. The necessary conditions for
steady-state oscillation are known as the “Barkhausen conditions”. The first condition is known as the “gain
condition” and specifies that the loop gain must be unity. The gain condition for steady state oscillation states
can be written as

|H( jω)β ( jω)|= 1 (2.3)

The second condition is known as the “phase condition”, which is expressed as

3
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Figure 2.1: Block diagram of the feedback model for analyzing oscillation conditions.

∠H( jω)β ( jω) = (2m+1) ·180◦ (2.4)

which states that the total open-loop phase shift must be (2m+ 1) times 180 degrees where m is an integer
value including zero. This leads one to the conclusion that the frequency stability of an oscillator depends on
how the phase characteristic of the loop varies with frequency as described in Section 2.3.

2.2 Type of RC oscillators

Integrated RC oscillator can be classified into two categories: 1) relaxation oscillators and 2) ring oscillators.
The principles and operations of the two types of oscillators will be described in this section.

2.2.1 Relaxation Oscillators

CMOS relaxation oscillators can be classified into two categories: 1) RC relaxation oscillators and 2) constant-
current oscillators. This section describes the architecture and circuit operation of both types of relaxation
oscillators.

RC relaxation oscillators

A simplified circuit of an RC relaxation oscillator is illustrated in Fig. 2.2. It consists of two resistors (R1,
R2), a capacitor (C1), a comparator, and a switch (S1). The operation of the RC relaxation oscillator is based
on charging and discharging the capacitor by using the resistors. The resistors and capacitor set the timing of
charging and discharging processes. The switch S1 can be realized with a MOSFET. The comparator is usually
realized with a level-detecting circuit with hysteresis (i.e. a Schemitt trigger). The symbol and the characteristic
of the Schmitt trigger are shown in Fig. 2.3. The output voltage of the Schmitt trigger changes from low to
high when the input voltage exceeds the upper switching threshold voltage (VB). The output voltage of the
of the Schmitt trigger changes from high to low when the input voltage decreases below the lower switching
threshold voltage (VA), where VA <VB. The hysteresis voltage of the comparator is equal to VB−VA.

The operation of the RC relaxation oscillator can be described as follows: Consider when Vout is low and the
switch S1 is open, the capacitor C1 is charged via R1 and the voltage across the capacitor Vo1 rises exponentially
toward VDD with a time constant of the charging period is the time constant τ1, where

τ1 = R1C1 (2.5)
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Figure 2.2: A simplified circuit of an RC relaxation oscillator. (a) generalized circuit configuration, and (b)
output wave forms.

Figure 2.3: Circuit symbol and voltage transfer characteristics of a Schmitt trigger: (a) Circuit symbol; (b)
Transfer characteristics.
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When Vo1 reaches the upper threshold voltage VB of the comparator, the output voltage changes from low to
high and the switch S1 is closed. The voltage across the capacitor now decays toward

a lower voltage level VL, where

VL =VDD
R2

R1 +R2
(2.6)

with a time constant, τ2, where

τ2 = (R1||R2)C1 (2.7)

If the resistor values R1 and R2 are chosen such that VL <VA, then when Vo1 reaches VA the comparator output
voltage will change from high to low and the switch S1 will open. The capacitor C1 is then charged up toward
VDD again and the cycle is repeated. Figure 2.2(b) demonstrates the periodic output waveforms of the RC
relaxation oscillator, assuming that S1 is closed when the output of comparator is high. The time T1 for Vo1 to
change from the lower threshold VA to the upper threshold VB can be expressed as

T1 = τ1ln
(

VDD−VA

VDD−VB

)
(2.8)

Similarly, the time T2 for Vo1 to decay from VB to VA can be given as

T2 = τ2ln
(

VB−VL

VA−VL

)
(2.9)

Thus, the total period of oscillation T is equal to T1 +T2, and the frequency of oscillation f can be given as

f =
1
T

=
1

T1 +T2
(2.10)

or

f =
1

R1C1

[
ln
(

VDD−VA

VDD−VB

)
+

R2

R1 +R2
ln
(

VB−VL

VA−VL

)]−1

(2.11)

In the design of the RC relaxation oscillator, the performance of the comparator is very critical since the
accuracy and stability of the threshold levels of the comparator are directly related to the frequency stability
and accuracy of the oscillator. Two commonly used comparator configurations in CMOS relaxation oscillator
designs are the single-comparator and the dual-comparator Schmitt trigger circuits.

Figure 2.4 shows the simplified circuit diagram of the RC relaxation oscillator using the single comparator
Schmitt trigger . The operation of the oscillator can be explained as follows. Assuming that S1 and S2 are open
initially, the capacitor C1 are charged exponentially toward VDD and when the capacitor voltage Vo1reaches
the upper threshold voltage VB, the comparator output voltage will change from low to high, thus setting the
flip-flop and causing the switches S1 and S2 to close. The upper threshold voltage VB of the comparator is set
by the ratio of resistors, given by

VB =VDD
RB +RC

RA +RB +RC
(2.12)
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Figure 2.4: RC relaxation oscillator using single-comparator-type Schmitt trigger.

When S2 is closed, the threshold setting resistor RC is short circuited and the new threshold level VA is generated
as

VA =VDD
RB

RA +RB
(2.13)

where VA is set to be lower than VB. When S1 is closed, the voltage across the capacitor C1 decays exponentially
until it reaches the lower threshold level VA. The comparator output voltage then changes from high to low,
thus causing the flip-flop to reset and S1 and S2 to open. The charging and discharging cycles are then repeated.
The circuit oscillates by generating exponential ramp voltages across C1, between two threshold levels VA and
VB, as shown in Fig. 2.2(b). The hysteresis voltage VH of the Schmitt trigger is primarily determined by the
value of RC, given by

VH =VB−VA =VDD
RARC

(RA +RB +RC)(RA +RB)
(2.14)

The threshold voltages VB and VA as well as the hysteresis voltage VH are proportional to the supply voltage
VDD. The charging currents available to C1 are proportional to VDD as long as R1 is connected to VDD. Thus
as VDD is increased, the hysteresis voltage VH , which determines the amplitude of Vo1 , also increases, and
the slope of exponential waveforms increases proportionally. Thus, the VDD dependence cancels out and the
frequency of oscillation is, to the first order, independent of the supply voltage as given by (2.11). However,
the output amplitude is proportional to VDD.

The drawback of the single-comparator configuration, as shown in Fig. 2.4, is that the switching of voltage
levels across the bias setting resistor string, when the voltage swing reaches the threshold levels. The parasitic
node capacitance across RA, RB and particularly RC slow down the switching time of the circuit at high oscilla-
tion frequencies. This issue can be partially addressed with a dual-comparator Schmitt trigger configuration.

Figure 2.5 shows the simplified circuit diagram of the relaxation oscillator using a dual-comparator Schmitt
trigger. The comparator 1 changes its output state when the voltage swing across the capacitor C1 reaches
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Figure 2.5: RC relaxation oscillator with dual-comparator-type Schmitt trigger.

the upper threshold voltage VB, and the comparator 2 changes its output voltage when Vo1 reaches the lower
threshold voltage VA. These threshold voltages are given by the resistor ratios as

VB =VDD
RB +RC

RA +RB +RC
(2.15)

When S2 is closed, the threshold setting resistor RC is short circuited and the new threshold level VA is generated
as

VA =VDD
RB

RA +RB
(2.16)

Thus the total hysteresis voltage VH is given by

VH =VB−VA =VDD
RB

(RA +RB +RC)(RA +RB)
(2.17)

When S1 opens, Vo1 rises exponentially toward VDD and when it reaches VB, the comparator 1 changes its
output voltage from low to high. This sets the flip-flop which causes S1 to close, and initiates the discharge
cycle. When Vo1 is reduced below the lower threshold voltage VA , the comparator 2 changes its output voltage
from low to high. This resets the flip-flop and opens S1. The cycles are then repeated As described earlier,
although VA and VB are dependent on VDD this dependence is canceled out since the charging and discharging
currents associated with C1 are also proportional to VDD. Thus, the frequency of oscillation is, to the first order,
independent of the supply voltage and is given by (2.11).



CHAPTER 2. INTEGRATED RC OSCILLATORS 9

Figure 2.6: Constant-current charge and discharge oscillator (a) basic circuit configuration, and, (b) output
waveform.

Constant-current relaxation oscillators

Figure 2.6 shows the basic circuit configuration of a constant-current relaxation oscillator. The circuit rely on
current sources, rather than resistors, to charge and discharge a timing capacitor. The constant-current oscillator
normally consists of two current sources. One current source, I1, is always on, while the other current source,
I2, is turned on and off intermittently. When I2 is turned off, the capacitor C1 is charged with the constant
current I1 until the capacitor voltage Vo1 reaches the upper threshold voltage VB of the Schmitt trigger . The
Schmitt trigger then changes its output from low to high, which turns the current source I2 on. Assuming that
|I2|> |I1|, the capacitor C1 is then discharged with a net current of I2− I1 until Vo1 reaches the lower threshold
voltage VA. The Schmitt trigger then again changes sits output voltage from high to low, which turns the current
source I2 off. Therefore the circuit oscillates with the linear ramp waveforms as shown in Fig. 2.6(b).

The total time T1 for the charging cycle is

T1 =
(VB−VA)C1

I1
(2.18)

Similarly, the total time T2 for the discharge cycle is

T2 =
(VB−VA)C1

I2− I1
(2.19)
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Figure 2.7: Ring oscillator block model.

The frequency of oscillation f is written as

f =
1
T

=
1

T1 +T2
=

I1

(VB−VA)C1

(
1− I1

I2

)
(2.20)

Usually, such an oscillator sets I2 = 2I1, then both the charge and discharge currents for the timing capacitor
would be equal, and the output waveform Vo1 becomes a triangle wave with frequency f ,

f =
I1

2(VB−VA)C1
(2.21)

where VB−VA = VH which is the hysteresis voltage of the Schmitt trigger. Then, the frequency, f can be
expressed as

f =
I1

2VHC1
(2.22)

Note that the Schmitt trigger output Vo2 is a symmetrical (i.e., 50% duty cycle) square wave.

In [3] and [4], the authors experimented with the constant-current relaxation oscillators. These oscillators
are performed by iteration of charging and discharging the capacitor C as applied negative feedback using a
frequency-to-voltage converter or a feedback mechanism that monitors the capacitor voltage swing and dy-
namically adjusts the threshold levels such that the voltage swing and thus the period of oscillation remains
constant. The constant-current relaxation oscillators are the focus of this dissertation because of their sim-
ple circuit, low current consumption, and, small silicon area. These features thus make the constant-current
relaxation oscillators suitable for embedding in a battery-operated low power system.

2.2.2 Ring Oscillators

A ring oscillator consists of a number of amplifier stages connecting in a negative feedback loop as shown in
Fig. 2.7 The ring oscillator does not contain any frequency selective network. The lack of a high-Q selective
network generally makes the ring oscillator harder to achieve the lowest noise and highly stable frequency
performance However, the design of ring oscillators is straightforward by using integrated circuit design tech-
niques. Other properties of ring oscillators, such as the availability of multiple phases at the output and the wide
tuning range can be useful for some specific applications including frequency synthesizers and oversampling
circuits. These characteristics of ring oscillators lead to the conclusion that they are still important in modern
integrated communications systems.

A behavioral model of an N-stage ring oscillator is shown in Fig. 2.8. The gain of an N-stage ring oscillator is
determined as
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Figure 2.8: Linearized model of a N-stage ring oscillator.

H ( jω) = [
−GmR

1+RC jω
]N (2.23)

According to Barkhausen criteria the ring oscillator is operative when the following conditions are satisfied
|H( jω)| = 1. The oscillation frequency of an N-stage ring oscillator is determined by the phase condition for
oscillation as given by

∠H( jω) =−N · (arctan(ωRC)) = θ (2.24)

Solving ∠H( jω) =−π , lead to the oscillation frequency for an N-stage ring oscillator

ω =
tanθ

RC
(2.25)

and the minimal single stage gain is

GmR≥ 1
cosθ

(2.26)

Then, for the three-stage ring oscillator can be shown in Fig. 2.8 (when N = 3). The inverters are modeled
by a transconductor and an RC circuit. With a simple circuit analysis, the open-loop transfer function of the
linearized model for the three-stage ring oscillator is found to be

H ( jω) = [
−GmR

1+RC jω
]3 (2.27)

In the oscillatory system, |H( jω)| = 1, which results in

ω =

√
3

RC
(2.28)

GmR = 2 (2.29)

This system will oscillate if (2.29) is satisfied and the oscillation frequency is dictated by (2.28). To achieve
oscillation, the ring oscillator must provide a phase shift of 2π and have unity voltage gain at the oscillation
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frequency. Each delay stage must provide a phase shift of π/N, where N is the number of delay stages. The
remaining π phase shift is provided by a DC inversion. This means that for an oscillator with single-ended
delay stages, an odd number of stages are necessary for the DC inversion. If differential delay stages are used,
the ring can have an even number of stages if the feedback lines are swapped.

A basic ring oscillator consists of an odd number N of inverter stages connected in a negative feedback loop.
Therefore, if one of the nodes is excited, the pulse will propagate through all stages and will reverse the
polarity of the initially excited node. The most common way to determine the frequency of oscillation of the
ring oscillator is to assume each stage provides a time delay of td . The difficulty in obtaining a value for
the frequency arises when trying to determine td , mainly due to the non-linearity and parasitic of the circuit.
Moreover, the value of the frequency also depends on the topology used for the delay stage. Even with a circuit
that appears as simple as this one, many assumptions and simplifications are necessary to obtain a value for
td . Therefore, numerous equations exist for determining the oscillation frequency of a VCO, each derived with
a separate set of assumptions and simplifications. Most of these derivations use a common set of parameters
to find a relationship of the time delay, td . Due to the signal goes through each of the N delay stages once to
provide the first π phase shift in a time of N · td . Then, the signal must goes through each stage a second time
to obtain the remaining π phase shift, resulting in a total period of 2 ·N · td . Therefore, the frequency can then
be solved for in (2.30) and (2.31) , resulting in an analytical expression for improving the frequency stability.

fosc =
1

2 ·N · td
(2.30)

In general, the time delay of amplifier stage is related to its current-driving ability, its output voltage swing and
the load capacitance. A simple analysis can show that the time delay is given by

td =CLVosc/Ic.

where Vosc is the output voltage swing, Ic is the output current provided by the amplifier stage, and CL is the
load capacitance. Thus the oscillation frequency is given by (2.31)

fosc =
Ic

2 ·N ·Vosc ·CL
(2.31)

A classification of CMOS ring oscillators can be identified by the type of signal in the ring delay stage into two
general types: 1) single-ended, 2) true differential. This section describes the architecture and circuit operation
can be explained as follows. .

Single-ended ring oscillators

A single-ended ring oscillator is shown in Fig. 2.9, which composes of an odd number of inverter delay stages

The ring oscillator in Fig 2.9 does not include any means to control the oscillation frequency. A control method
can be added in various ways, such as by changing the strength of inverters in the loop, by changing the
loads, or by varying VDD. Fig. 2.10 shows an implementation where the strength of inverters is changed by
adding two more transistors, M3 and M4, to the inverter structure , which is called the current-starved inverter.
The load tuning of M3 and M4 need to implement the bias circuit to control the drain current, Ic in CMOS
inverters. Single-ended structures are usually preferred over the differential architectures whenever simplicity
is essential. They are also desirable when power dissipation is the most important consideration since they
include less number of active elements that dissipate power. Although power supply control can be used for
both single-ended and differential ring oscillator architectures, use of low power supply voltages results in
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Figure 2.9: (a) Single-ended ring oscillator structure, (b) Inverter stages.

smaller output swings. This results in a reduction in the phase noise performance and the oscillators get more
susceptible to supply and ground disturbances.

The advantage of a single-ended ring oscillator that is the power efficiency due to the delay stage only draws
power when there is a signal transition, in contrast to true differential stages which require a bias current that
is always owing whether or not the signal is in transition. Therefore, it is the best choice for the design of low
power ring oscillator. Susceptibility to supply, substrate interference and constraint on number of stages are the
disadvantages of single-ended ring oscillator, which resulted in phase noise of ring oscillator as explained in
Chapter 3.

True differential ring oscillators

Figure 2.11 (a) shows an example of a ring oscillator with a true differential signal in the ring, which is the
differential ring oscillator structure and the simplest differential pair structure with resistor, RL loads (Fig.
2.11 (b)). Here the distinguishing factor is that the signal in the ring is defined differentially. “True" refers
to a differential gate circuit that provides some measure of common mode rejection, such as the differential
pair with current source bias, ITAIL.Figure 2.11 (c), the differential ring oscillator with active loads biased in
the saturation region, which the differential ring oscillator with symmetrical active loads, which consists of a
PMOS transistor pair. One PMOS device is biased in the triode region with an additional bias circuitry, while
the other is a diode-connected transistor biased in the saturation region. This load provides symmetrical I-V
characteristics and an amplitude control option through Vbias, which is used to change the resistance of the
triode-region transistors. This way, the output swing is kept between Vdd and Vbias.

Differential ring oscillators can be constructed with an even number of stages, unlike their single-ended coun-
terparts. The delay of the differential stage in Fig. 2.11 can be written as

Td =
CLVsw

Icotrl
(2.32)

where CL is the total load capacitance at each output node, Vsw, is the voltage swing at the output, and Icontrl
is the mirrored current or a tail current. Therefore, the oscillation frequency of an N-stage ring oscillator
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Figure 2.10: (a) Single-ended structure, (b) Current starved inverter stages.

employing this stage is

fosc =
Icotrl

2 ·N ·CLVsw
(2.33)

Equation (2.32) and (2.33), one can see that the oscillation frequency of the oscillator can be controlled linearly
by varying the mirrored current.

The advantages of the true differential approach that is a number of stages due to both phases of the signal are
available, the number of stages in the ring is not restricted to be odd. A wire inversion can be used to meet the
oscillation criterion and an even or odd number of stages can be used. In addition to the differential circuitry
offers the possibility of good common mode rejection. If symmetric layout and good circuit design practices
are observed, the amplitude coupling interference mechanism, which is a common mode signal and does not
act the differential signal. This can be seen from considering the simplified waveforms in Fig. 2.12. The
switching threshold time tSW for the case with no noise (dashed lines in the grue) occurs when the differential
signal crosses zero. With interference from the supply voltage variation VDD, an output voltage change vo is
coupled to both outputs. Since the switching threshold time tSW is defined when the differential signal crosses
zero, the common mode interference signal does not affect tSW . To realize the benefits of fully differential
signals, it is necessary to minimize delay modulation due to supply and substrate coupling to the differential
signal delay.
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Figure 2.11: (a) Differential ring oscillator structure, (b) Simple differential pair stages, (c) Differential pair
with symmetrical loads.

Figure 2.12: Amplitude coupling interference to true differential signal.
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2.3 Characteristics of Oscillators

The basic function of an oscillator is to generate a periodic signal with certain properties. All oscillators in
the classification are feedback systems and in most instances feedback modeling is used to assess the oscil-
lation conditions. The feedback model is used throughout this work and is discussed extensively in the next
subsection.

2.3.1 Characterization and Frequency Stability of an Oscillator

The output signal of an sinusoidal oscillator can be expressed as

vout(t) = A(t) · cos(ωot +φ (t)) (2.34)

where vout represented a output voltage, A(t) and φ(t) are the instantaneous amplitude and phase, respectively.
The time derivative of the instantaneous phase can be described in term of the instantaneous angular frequency
as given by

ω(t) = ωo +
dφ(t)

dt
(2.35)

In an ideal oscillator, the angular frequency is a constant, ωo while the phase is an ideal ramp given by ωot,
due to the integration. Consider, for frequency derived from the nominal frequency of oscillation in a volt-
age controlled oscillator (VCO), is linearity proportional to the control voltage. Thus, its phase derivation is
proportional to the integral of the input control voltage.

For the instantaneous angular frequency of (2.35) can be re-written as

ω(t) = ωo +
dφ(t)

dt
= ωo +∆ω(t) (2.36)

where ∆ω(t) represents the random instantaneous angular frequency fluctuations. Of course, for high-quality
oscillator:

|∆ω(t)| � ωo (2.37)

A useful parameter is the instantaneous fractional frequency fluctuation y(t) defined (2.38) which is divided the
phase by ωo.

y(t) =
dφ(t)

dt
ωo

=
∆ω(t)

ωo
=

∆ f (t)
fo

(2.38)

The fractional frequency fluctuation y(t) is a random quantity. Also, it allows for easier comparison of fre-
quency stability among oscillators having different nominal frequencies. Therefore, this dissertation is con-
cerned with the random fractional frequency fluctuation y(t) of oscillators. The Fast Fourier Transforms (FFTs)
is used to analyze power spreading in the frequency domain of statistical parameter of y(t) to obtain the fre-
quency stability characteristics.
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Figure 2.13: The spectrum of an ideal and a practical oscillator.

2.3.2 Phase Noise

In an ideal oscillator, an oscillator signal can be expressed as

vout(t) = A0cos(2π fot +φ(t)+ϕ(t)) (2.39)

where the amplitude A0, the frequency fo, the instantaneous phase φ(t) and the random instantaneous phase
fluctuations ϕ(t), are all constants. The one-side spectrum of an ideal oscillator with no random fluctuations
consists of an impulse at fo as shown in Fig.2.13. In practical oscillator, the spectrum exhibits “skirt” around
the center or “carrier” frequency (Fig.2.13). [5]

Phase noise is usually characterized in frequency domain. The random fluctuations in a signal manifests itself
as phase noise is presented in the frequency domain . To quantify phase noise, we consider a unit bandwidth
at an offset Δ f (t) with respect to fo and calculate the noise power within this unit bandwidth, and divide the
result by the carrier power. However, the fluctuations that result to phase noise are considered in a periodic
function with period 2π. As there are many ways of quantifying these fluctuations (e.g. a comprehensive
review of different standards and measurement methods is given in [5]). An oscillator’s short-term instabilities
are usually characterized in term of the single sideband noise spectral density. It has a unit of decibel below the
carrier per hertz (dBc/Hz) and is defined as

Ltotal {∆ f}= 10log
[

Psideband( fo +4 f ,1Hz)
Pcarrier

]
(2.40)

where Psideband( fo +4 f ,1Hz) represents the single sideband power at a frequency offset ∆ f from the carrier
in a measurement bandwidth of 1−Hz, and Pcarrier is the total power under the power spectrum. Note that
the definition of (2.38) includes the effect of phase fluctuations ϕ(t) as shown in Fig.2.14(a). Generally, if the
Pcarrier is greatly larger than Psideband( fo +4 f ,1Hz), the phase noise would get better. However, it has many
methods that can increase the Pcarrier, e.g. increasing the power supply level (or power supply voltage) which
increases the power consumption.

Figure 2.14(b) presents the phase noise spreads some of the power of the oscillator to neighboring frequencies,
creating phase noise sidebands. The sidebands are shown falling off as 1/∆ f 2 for frequencies far enough away
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Figure 2.14: The phase noise per unit bandwidth in an oscillator (a) power spectrum of oscillator (b) phase
fluctuation power spectral density.

from the carrier. The frequency, ∆ f is the offset frequency from the center. Phase noise of an oscillator at a
given offset, is calculated from the ratio of the power in a 1-Hz bandwidth at the offset frequency, to the total
power of the carrier. Figure 2.14(a) this would be the ratio of the area of the rectangle with 1-Hz bandwidth at
offset ∆ f , to the total area under the power spectrum curve. The spectrum in Fig. 2.14(a) is the power spectrum
of an oscillator with a noisy phase angle. The spectrum of the phase fluctuations themselves can also be shown,
as in Fig. 2.14(b). The spectrum in 2.14(b), is that of the noisy phase angle term, ϕ(t), and is called the spectral
density of phase fluctuations. For offsets sufficiently far from carrier, the phase noise in dBc/Hz measured
from the power spectrum in Fig. 2.14(a) is equal to the value of the spectral density of phase fluctuations in
Fig. 2.14(b). The spectrum in Fig. 2.14(b) is shown on a log-log scale, with phase noise sidebands that fall
as 1/∆ f 2, or 20-dB/decade. The 1/∆ f 2 region is referred to as the “white frequency” variation region, since
it is due to white, or uncorrelated, fluctuations in the period of the oscillator. The behavior in this region is
dominated by the thermal noise in the devices of the oscillator circuit. For low enough offset frequencies the
flicker noise of devices generally comes into play and the spectrum in this region falls as 1/∆ f 3.

Also worth noting, the sidebands in Fig. 2.14(b) grow towards infinity as the offset frequency approaches zero.
This is consistent with the behavior expected for timing jitter in free-running oscillators, and will be described
shortly.
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Phase Noise with FOMs

Design figure-of-merits (FOMs) compare an estimation of a performance aspect of an oscillator with its func-
tional specification. The design margin is indicated by the value of the FOM. At the cost of reduced accuracy,
relatively simple first-order calculations can be used to formulate design FOMs. In other words, the complexity
of the design FOM is reduced at the cost of some accuracy. Once all important design FOM are defined and
evaluated for several oscillator topologies, for example the design FOM concerning frequency, temperature
coefficient and the phase noise, L ( f ), these topologies can be ranked on the basis of the design FOM values.
Design FOM of oscillator topologies provide qualitative insight concerning the relations between the design
parameters, and quantitative insight when evaluated.

Equation (2.39), the random phase fluctuations, ϕ(t) is a stochastic variable and it one side power spectrum
density of phase fluctuations is Sϕ( f ) which it is difficult to measure directly. Normally, Svout ( f ) is measured,
being the power spectrum density of vout . The power density Svout ( f ) versus frequency can be directly read
form the analyzer display. Base on this measurement, Sϕ( f ) of an oscillator is characterized by the single-
sideband (SSB) phase noise to carrier ratio at offset frequency from the carrier frequency fosc. The phase noise
measurement is defined in equation of

L ( f ) = 10log
[

Pϕ−sideband( fosc +4 f ,1Hz)
Psignal

]
. (2.41)

The design margin is indicated by the value of the Figure of Merit (FOM) to compare an estimation of a
performance aspect of an oscillator with its functional specification. Once all important design FOMs are
defined and evaluated for several oscillator topologies, for example the design FOMs concerning frequency
and phase noise can be indicated the performance of 1/ f 2 phase noise in an oscillator by

FOM3 = L ( f )+10log

((
∆ f
fo

)2

· Pdiss

1mW

)
. (2.42)

where Pdiss is the power consumed by the oscillator core. Design FOMs of oscillator topologies provide quali-
tative insight concerning the relation between the design parameters, and qualitative insight when evaluated.

2.3.3 Frequency Tuning and Controlled Linearity

Frequency tuning are important specifications that can achieve a significant impact on designing of an oscillator.
In general, the most oscillators need to specify to cover a band of interest around a center frequency. Several
applications are usually show the center frequency, absolute tuning range which it means the minimum and
maximum frequency that these applications can operate frequency in this range. As for any specification, the
tuning range specification must be met under worst case conditions. Therefore frequency deviations due to
temperature changes, process spread and power supply variations should be added to the tuning range.

Considering a very simplified model of ring frequency as shown in Fig. 2.15, which is the scheme for classifi-
cation by tuning method. For an N-stage ring, the frequency is given by 2.30, can be rewritten by

fosc =
1

2 ·N ·Td
(2.43)

Note that, the frequency is tuned by changing either the number of stages. In either case, the tuning can be
discrete or continuous. For the stage delay, the gate input transition time approach zero, so that the output
waveform begins its transition immediately. With this idealization, the output delay time Td is given by
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Figure 2.15: Simple model of ring frequency, stage delay.

I0

CL
=

VT H

Td
⇒ Td =

CLVT H

I0
(2.44)

The frequency tuning can be changed the loading CL, the drive strength I0, or voltage VT H . Moreover, the
frequency tuning, respectively, ring oscillator can be varied a number of stages, loading, and drive strength
voltage.

Suppose a ring oscillators are used for the voltage-controlled oscillators (VCOs)or the current-controlled os-
cillators (CCOs) so that they have a tuning constant KVCO that is specified in Hz/V (or KCCO in Hz/A). This
constant will become larger if the tuning range is increased, to cover process spread for example. If the supply
voltage decreases, in the case of a redesign using a newer CMOS technology for example, the tuning-voltage
range will also decrease and thus KVCO will increase. In practice, the tuning characteristic of an oscillator is a
nonlinear function. Fig. 2.16(a) shows the typical tuning curve of VCO which a large part of the tuning range,
KVCO is equal to ∆ f1/∆V1. However, at the end of the tuning range, where parasitic start to dominate, KVCO
decreases (∆ f2/∆V2 < ∆ f1/∆V1). Similarly, at the end the tuning range in Fig. 2.16(b), where parasitic start
to dominate, KCCO decreases (∆ f2/∆I2 < ∆ f1/∆I1). In addition in Fig. 2.16(b), we can describe the controlled
linearity by considering in the first order of oscillator analysis that the delay which is added to the period of
oscillation, is dependent of the oscillator’s control current, Icharge. In practice, this delay decreases somewhat
with increasing frequencies of oscillation, due to the larger slope of the comparator input at higher frequencies
of oscillation, resulting in a larger excitation of the comparator. The delay tdelay, results in a non-linear rela-
tionship between the control current and the frequency of oscillation. Assuming that the delay is independent
of Icharge, the expression for fosc becomes:

fosc =
1

Tosc + tdelay,tot
=

1
1

KCCO·Icharge
+ tdelay,tot

(2.45)

where:

KCCO =
1

2 ·C ·VREF
(2.46)

Fig. 2.16(b) gives an illustration of the non-linear dependency between fosc and Icharge. For increasing values of
Ichargethe frequency asymptotically approaches its maximum value 1/tdelay,tot . The non-linearity in the control
characteristic of the oscillator results in distortion when the oscillator is used in a frequency (de)modulation
application. In order to derive expressions for the harmonic distortion, a Taylor expansion around the center
frequency ( fo, Io see in Fig. 2.16(b)) must be made. Depending on whether the oscillator is used for mod-
ulation or demodulation, equation (2.45) or its inverse should be used for calculating the Taylor expansion.
For instance, when the oscillator is used for FM-demodulation (input: frequency; output: current), the control
non-linearity yields second order distortion [6]:
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Figure 2.16: Typical tuning curve of (a) voltage controlled oscillator (VCO) and (b) current controlled oscillator
(CCO).

HD2 =
tdelay,tot ·∆ f

2
i f

tdelay,tot

Tosc
� 1 (2.47)

Notice that the amount of distortion does not depend on the center-frequency fo (see Fig. (2.16)(b)), but only
on the frequency-sweep ∆ f and the total delay [7]. In order to minimize the distortion, the delay of the level
detection circuitry should be minimized. Unfortunately, this increases the noise bandwidth of the equivalent
noise at the input of the detection circuit, resulting in an increase of the variance of this noise. As a consequence,
the jitter of the oscillator increases.

2.4 Summary

In this chapter, integrated RC oscillators are introduced with a brief discussion of the oscillator fundamentals.
Relaxation oscillators, both RC relaxation oscillators and constant-current oscillators are described. Single-
ended or differential ring oscillators are discussed . The first-order frequency domain analysis of oscillators
and the relevant frequency-domain measures of frequency stability and their particularities are presented. In
addition to the important characteristics, such as the phase noise, frequency tuning range and the stability under
parameter variations, are also analyzed in the chapter. Finally, the use of figure-of-merit (FOM) is discussed to
allow phase noise performance comparison of different oscillators.



Chapter 3

Temperature-compensated relaxation
oscillator

3.1 Introduction

A highly stable frequency reference generator is one of the most critical building blocks in many electronic cir-
cuits and systems. An external crystal oscillator (XO) is usually employed to generate highly stable frequency
reference with excellent accuracy in the order of a few ppm/oC. However, XOs are bulky, power-hungry
and cannot be integrated on-chip. For many applications, such as implantable biomedical electronics or wire-
less body area networks, the accuracy requirements of the frequency reference are much less stringent and,
in the order of a few hundred ppm/oC. Thus it is feasible to use a well-designed fully-integrated oscillator
to replace XO for frequency reference generation. There have been several works on the implementation of
fully-integrated frequency reference in CMOS process technology [1, 3, 8, 9, 10, 11, 12, 13, 14]. LC oscillators
can achieve high frequency accuracy and low phase noise, however they consume large chip area and high
power consumption. Ring oscillators and relaxation oscillators usually achieve lower frequency accuracy and
higher phase noise, but they consume significantly less chip area and have less power dissipation. Therefore,
ring and relaxation oscillators are strong candidates for realization of low-cost low-power fully-integrated fre-
quency reference. Nevertheless, clever circuit design techniques are required to ensure that ring and relaxation
oscillators can meet the frequency accuracy requirement.

This chapter describes the design of a CMOS fully-integrated temperature-compensated relaxation oscillator.
The oscillator is targeted as a replacement of external XO for some applications, where the frequency accuracy
requirements are in the order of a few hundreds ppm/oC. This chapter is organized as follows. Section 3.2
describes the literature review of previous works on CMOS relaxation oscillators. Section 3.3 describes the pro-
posed low-power CMOS temperature-compensated relaxation oscillator. Section 3.4 describes the simulation
results and conclusion is given in section 4.3.

3.2 Temperature stability and compensation

Recently, there is a growing interest to develop low power CMOS relaxation oscillators with high frequency
stability[3, 15, 9, 16, 17, 18, 19] . The oscillation frequency ( fosc) practically varies with process parameters,
power supply voltage, and temperature. The frequency variations due to power supply voltage can be mini-
mized by using a voltage regulator [20], while the variations due to process parameters can be compensated by
trimming of resistors and capacitors. Thus, the temperature stability of fosc is very critical during operation in
order to minimize timing uncertainty. The temperature stability of fosc of the relaxation oscillator is typically

22
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due to the temperature dependence of RC time constant and the delay times of comparator and flip-flops.

Temperature compensation entails using temperature dependent circuit elements to compensate for shifts in
frequency due to changes in ambient temperature. An oscillator that uses for frequency stabilization technique
is referred to as a temperature-compensated oscillator. Temperature compensated oscillators typically employ
to generate reduce a frequency variation over temperature. Many factors affect the frequency stability of an
oscillator. These include variations in voltage, time, and temperature. Specifications for frequency stability
are expressed as the amount of the divergence from the nominal operating frequency, usually in terms of a
percentage or in parts per million (ppm). The frequency-variation from temperature behavior can be expressed
in term of its temperature coefficient, which is derived from the 1st order temperature coefficient of an expansion
around the nominal temperature of Tosc. The definitions of the temperature coefficient, TC can be given by (3.1),
where x is any functions.

TCx =
1
x
· ∂x

∂T
(3.1)

Note that the temperature stability of fosc can be given by

TC ( fosc) =
1

fosc
· ∂ fosc

∂T
(3.2)

Temperature compensation of fosc can be achieved by employing temperature stable biasing [9, 3] offset can-
cellation structure [17], voltage-averaging or error feedback loop [15], [19], or feed forward period control
scheme [18]. The offset cancellation structure, described in [17], can achieve ±0.25% frequency variations
at 18.5 kHz over temperature range of −40◦C to +90◦C, however it requires two clock phases for operation
thus another timing circuit is needed. In [9], a 1.1-MHz relaxation oscillator with ±0.5% over temperature
range of −20◦C to +80◦C is obtained by using temperature-compensated biasing. The relaxation oscillator in
[15] employs switched capacitor error feedback loop and it achieves 12.6-MHz with ±0.82% variation over
temperature range of 0◦C to +80◦C. In [19], the voltage-averaging feedback is employed to realize a 14-MHz
relaxation oscillator with ±0.19% variation over temperature range of −40◦C to +125◦C.

As mentioned above, the frequency variations of the relaxation oscillator can be improved by employing into
three techniques for the temperature-compensation: 1) the temperature stable biasing techniques, 2) the offset-
cancellation techniques and 3) the voltage-averaging or error feedback loop or feed forward period control
scheme techniques. This section describes the circuit operation to improving the temperature stability of fosc.

3.2.1 The temperature stable biasing technique

This section describes the main causes of of temperature stability of fosc of a relaxation oscillator.

The RC relaxation oscillator is shown in Fig. 3.1. The frequency of oscillation in Fig. 3.1 can be given by

fosc ≈
1

R1C1
(3.3)

The frequency variations of the RC relaxation oscillator is mainly caused by the resistors, R1, and hysteresis
voltage of the Schmitt trigger, VH = VB−VA. The RC relaxation oscillator are inversely proportional to the
hysteresis voltage of the Schmitt trigger, VH = VB−VA. It means that the temperature stability of fosc of the
relaxation oscillators typically due to the temperature dependence of the voltage levels of VH . A temperature-
independent of the hysteresis voltage, VH , is possible by designing VB track proportional to VA. Furthermore,
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Figure 3.1: RC oscillators intensive temperature.

the bias setting resistors are implemented two voltage source, VA and VB as shown in Fig. 3.1. The temperature-
independence of the hysteresis voltage, VH , depends on the current source, IB1 and IB2 that flow through resistors
RB1 and RB2, respectively. The frequency drift is mainly caused by the variations of bias currents and resistors
due to process, voltage and temperature. The temperature variation of the current source and resistors can be
controlled by implementing the zero/low-temperature coefficient (TC) in bias currents and resistors to reduce
frequency variations. The zero/low-TC in bias currents can be employed the combined PTAT and CTAT current
sources and the composite resistors are used to adjust the temperature coefficient of the current references. For
example, the PTAT current reference is shown in Fig. 3.2(a) [9]. The voltage dropped across the resistors R+
and R− is given by VR =VGS1−VGS2, where VGS1 and VGS2 represent the gate-to-source voltages of transistors
M1 and M2, respectively. Assuming the drain current of an NMOS transistor working in the subthreshold region
and the drain current of M1 and M2 are equal, the current IP is given by [9]

IP =
ηVT

R++R−
· ln
(

W2/L2

W1/L1

)
(3.4)

where VT is the thermal voltage, η is the subthreshold slope factor and the resistors R+ and R− have the
positive and negative temperature coefficients, respectively. According to (3.4), if the temperature coefficients
of R+ and R− are canceled, the PTAT current IP is realized.

The CTAT current reference in Fig. 3.2(b) [9]. When M5 works in the subthreshold region, the current IA, is
mirrored by a zero/low-TC current source IP with a current ratio m < 1. Since, the the temperature coefficient
of the gate-to-source of M5 transistor is negative, the CTAT current IC can be canceled by using the temperature
coefficients of R+ and R−.

The cancellation of the temperature coefficients of R+ and R− are usually realized by the composite resistors.
In [21] presented simple composite resistor topologies as shown in Fig. 3.3. The simple series and parallel
resistors are shown in Fig. 3.3(a) and Fig. 3.3(b), respectively. The temperature coefficient in Fig. 3.3(a) and
Fig. 3.3(b) can be given by

TCs = TCA ·
β

1+β
+TCB ·

1
1+β

(3.5)
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Figure 3.2: PTAT current references.

Figure 3.3: Composite resistor topologies (a) series (b) parallel.

TCp = TCA ·
1

1+β
+TCB ·

β

1+β
(3.6)

The composite resistor temperature coefficient is determined by the relative size of RA and RB where β =RA/RB
at T0.

The constant-current relaxation oscillator architecture is shown in Fig. 3.4. Assuming the current I2 = 2I1,
then, the frequency of oscillation, fosc can be expressed as

fosc =
I1

2VHC1
(3.7)

Figure 3.4: The constant-current relaxation oscillator intensive temperature.
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Equation (3.7), implies that the main contributions to the frequency drift are caused by two current sources
I1 and I2, which affect to the drift of the charge and discharge bias current. Moreover, a temperature stability
of fosc in the constant-current relaxation oscillators depend on the drift of the total hysteresis voltage VH , any
temperature drift of VH results in an equal amount of relative frequency drift. Therefore, the temperature-
independent current source, I1 and I2 can be implemented the zero/low-TC in bias currents by employing the
combined PTAT and CTAT current sources and the composite resistors. In the same case of the hysteresis
voltage, VH , are designed by the bias setting resistors to implement two voltage source, VA and VB as shown in
Fig. 3.1.

In addition to a positive temperature coefficient of VH in Fig. 3.4 results in a negative contribution to tem-
perature coefficient of the oscillation frequency. Therefore, designing a bias current circuitry with a positive
temperature coefficient it is possible to compensate the drift of the hysteresis window VH , minimizing the over-
all variation of the oscillation frequency due to the temperature changes. Several works have been reported
[22, 9, 23] to demonstrate a positive temperature coefficient in the temperature compensation of the current and
voltage references.

The frequency deviation over a wide temperature range is one of the primary performance metrics evaluated in
the design and manufacturing of a temperature compensated oscillator. Therefore, this dissertation focuses on
the temperature stable biasing techniques, which is the best choice for designing in the temperature compensa-
tion of the constant-current relaxation oscillator architecture as will be described in Section 3.3.

3.2.2 The offset-cancellation techniques

The offset-canceling oscillator can achieve good frequency and temperature stability with low power consump-
tion. In [17], an offset-cancellation scheme which allows significant power reduction in the oscillator was
proposed. The architecture of the offset compensated RC oscillator is shown in Fig. 3.5. A current I passes
through resistor R to generate a voltage I ·R on node V2, when phase φ = 0. At the same time, a matched
current source charges capacitor C1, such that node V1 crosses V2 at time RC. After tdelay corresponding to
the delay of the comparator and subsequent buffers, φ changes to 1, which then resets the capacitor voltage.
The two comparator inputs is reversed, with V1 being the resistor voltage and V2 the voltage across capacitor
C2. The period of the oscillator is thus nominally 2RC+ 2tdelay. Two separate capacitors are used in the two
phases so that the delay of capacitor discharge is not included in the period. This switching scheme also cancels
comparator offset. For example, if the comparator has an offset Vos, as shown in Fig. 3.5(b), the duration of
phase φ = 0 increases by CVos/I, however the opposite phase φ = 1 decreases by the same amount, thus the
total period of oscillation is constant.

The offset cancellation scheme achieved a temperature stability of ±0.25%, ultra-low power operation at
120nW and long-term stability of better than 20ppm. The main causes that improves temperature stability
in [17] are: (a) permitting low-swing oscillations since offset and temperature variations of the offsets do not
proportionally affect frequency stability, (b) requiring only one comparator as opposed to two in traditional
architectures, and (c) relaxing the specifications on the comparator offset, and allowing optimization of gain
and bandwidth. The offset cancellation also attenuates the effect of flicker noise, improving long-term stability
of the oscillator.

3.2.3 The voltage averaging feedback techniques

The oscillation frequency of a conventional relaxation oscillator typically varies with variations of the com-
parator’s delay time, aging of current sources, and flicker noise of current sources. Typically, for a stable and
accurate oscillation, the comparator delay time is required to be shorten such that it is negligible. However, this
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(a)

(b)

Figure 3.5: Architecture of the offset compensated RC oscillator. The switch state for phase φ = 0 is shown
with off switches grayed out.
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approach is power-consuming and is not suitable for low power applications. A voltage-averaging feedback
(VAF) method can overcomes these issues while achieving good accuracy with low power dissipation. An ad-
vantage for applying VAF to a oscillation is achieving oscillation independent of the comparator’s delay td . A
complementary relaxation oscillator and an active filter for VAF is shown in Fig. 3.6. The relaxation oscillator
is considered as a voltage-controlled oscillator with a control signal Vc.

Oscillation waveforms Vosc1 and Vosc2 are summed up to Vosc and transferred to the active filter part. At this
condition, the active filter maintains DC voltage of whole oscillation at the reference voltage as shown in Fig.
3.6(b). The VAF loop equalizes DC of the oscillation waveform with Vre f as

1
T

T∫
0

Vosc1,2(t)dt =Vre f (3.8)

Vosc and Vre f are virtually shorted in a low-frequency domain defined by a time constant of R1C1. Vre f is
generated by a voltage divider of rail-to-rail voltages. Therefore, the following simplified equation is obtained
by

(1−α)T
RC

= 1− e−T/RC (3.9)

where α =
(
Vre f /Vdd

)
, the oscillation frequency is just defined by a time constant RC and α . The variation of

td has little effect on T because VAF automatically adjusts VC to keep the equilibrium condition of (3.8), which
results in a stable desired frequency.[19]

3.3 Proposed Relaxation Oscillator Design

This section describes the design and realization of a high-frequency relaxation oscillator with low power
dissipation and low frequency variation. A method of temperature-compensated biasing is proposed to achieve
very low frequency variation over a wide range of temperature.

3.3.1 Circuit architecture

Figure 3.7(a) illustrates a conceptual block diagram of a typical constant-current relaxation oscillator. Assum-
ing that the voltage across the capacitor VC is initially zero and the MOSFET switch (MX ) is off, the constant
current will charge the capacitor and VC will increases. The capacitor voltage VC is compared with a constant
reference voltage VR = IRR, which is generated by another constant current IR and a passive resistor R. When
VC is less than VR, the output voltage (Vout ) of the comparator is low or 0 V and MX remains off. When VC
exceeds VR, the comparator trips and Vout is HIGH or VDD after a delay time tp and MX is turned on to discharge
the capacitor and reset VC to 0 V. Thus the capacitor is charged and discharged periodically by the IC and M2,
respectively. Fig. 3.7(b) shows the time-domain waveforms of VC and Vout . The period of oscillation (TOSC),
is given by (3.10), where tc is the charging time by IC, tp is the delay time of the comparator and td is the
discharging time by the MOSFET switch MX .

Tosc = tc + tp + td (3.10)

where tc is the delay introduced by controlling charging cycle as the level detection circuitry. The tp is delay
time of the current comparator which several public papers [13], [3], [9] are usually ignore in term of tp by
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(a)

(b)

Figure 3.6: Voltage-averaging feedback relaxation oscillator (a) its schematic and (b) its waveform.
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Figure 3.7: A typical current-controlled relaxation oscillator (a) the schematic (b) the waveform.

designing to be as short as the hold time required; therefore, the frequency-variation of a switched-capacitor
relaxation oscillator is mainly due to the tc. The discharging time (td) is proportional to (C+Cp)Ron, where
Ron is the average on-resistance of Mx and Cp is the drain parasitic capacitance of Mx. Since Ron is inversely
proportional to (W/L)x but Cp is proportional to (WL)x, thus increasing (W/L)x reduces Ron but increasing Cp.
Therefore, increasing (W/L)x to reduce td will have a diminishing influence beyond certain values and td will
asymptotically reach a minimum value. In this dissertation, the integrating capacitor C is chosen to be much
larger than Cp and an optimal value of (W/L)x is selected to achieve td � tc. To minimize td , a high-speed
comparator is required and it is usually quite power-hungry when realized in voltage-mode. On the other
hand, current-mode comparators can achieve high speed with low power consumption thus it is beneficial
for low power applications. Current-mode comparators have been used to realize low-power relaxation os-
cillators in [3, 9]. However, the frequency of oscillation is limited to a few MHzs in order to achieve low
power consumption and low frequency variations. This dissertation presents the design and optimization of
a temperature-compensated high-frequency relaxation oscillation, in the order to tens of MHzs, with low fre-
quency variations.

Fig. 3.8 shows the simplified circuit diagram of the proposed relaxation oscillator using a current-mode com-
parator. The proposed circuit is based on the current-controlled topology with the use of a current comparator.
The capacitor voltage (VC) is converted to a current (I1) by a resistive source-degeneration transconductor, re-
alized by M1 and R. The simple source-degeneration transconductor, instead of a more complex circuit, is
employed in order to achieve high oscillation frequency and low power consumption. The transconductor’s
output current (I1) is compared with a constant reference current IR and the resultant current (Ix = IR− I1) is
applied to the current comparator.

Assuming that VC is initially zero, the constant current IC will charge up the capacitor then VC and I1 increase.
When I1 < IR (i.e. Ix > 0), the comparator output voltage (Vout ) will be LOW or 0 V, then M2 is turned off and
VC and I1 continue to rise. When I1 exceeds IR or I1 > IR (i.e. Ix < 0), Vout is HIGH or VDD and M2 is turned
on to discharge VC to ground and I1 is reset to 0. Next, VC is charged again and the above process is repeated.
Thus the capacitor is charged and discharged periodically by IC and M2, respectively.
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Figure 3.8: Simplified circuit diagram of the proposed relaxation oscillator with current-mode comparator

Equation (3.10) is the period of oscillation which it can usually assumed that tp and td are much less than tc,
thus Tosc ≈ tc. Thus, Tosccan be described by (3.11). Therefore, the main reasons of the period of oscillation in
relaxation oscillator is the delay of the tc as:

Tosc ≈ tc =
C ·VR

IC
(3.11)

where C, VR and IC are the reference capacitor, reference voltage and bias current, respectively. The voltage
waveforms of VC and Vout are the same as in Fig. 3.7(b) with the equivalent VR = IR/GM, where GM is the
transconductance of the transconductor as described by (3.12). The period of oscillation (Tosc) can also be
described by (3.10). Typically, a current comparator can easily achieve the delay time (tp) in the order of a few
nanoseconds [24], thus tp can be neglected for Tosc larger than tens of nanoseconds. The discharging time (td)
is directly proportional to the on-resistance of M2, which can be made negligibly small by using a sufficiently
large (W/L)2. Therefore, for oscillation frequencies in the range of tens of MHz, it can be assumed that tp and
td are much less than tc and Tosc ≈ tc, which can be described by (3.11). In the proposed oscillator, VR = IR/GM

thus Tosc is given by (3.13), assuming that IR is a scaled-copy of IC or IR = mIC.

GM =
1

R+ 1
gm1

(3.12)

Tosc =
C

GM
· IR

IC
=

C
GM
·m (3.13)

3.3.2 Temperature compensation approach

The temperature dependence of a parameter can be characterized by the fractional temperature coefficient (TC).
The TC of Tosc (TC (Tosc)) can be calculated by (3.14) and the result is given by (3.16), where αc = tc/Tosc,
αp = tp/Tosc, αd = td/Tosc and TC (tc), TC (tc), TC (tc) are the fractional temperature coefficients of tc, tp, and td ,
respectively. Assume that αc ≈ 1, αp� 1, and αd � 1, thus TC (Tosc)≈ TC (tc).

TC (Tosc) =
1

Tosc

∂Tosc

∂T
(3.14)

=

(
tc

Tosc

)
· 1

tc

∂ tc
∂T

+

(
tp

Tosc

)
· 1

tp

∂ tp

∂T
+

(
tc

Tosc

)
· 1

td

∂ td
∂T

(3.15)
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= αcTC (tc)+αpTC (tp)+αdTC (td) (3.16)

For the circuit in Fig. 3.7(a), the TC (Tosc) can be derived from (3.13) as given by (3.18), which equals the sum
of the temperature coefficients of R and C. In theory, the period and frequency of oscillation can be insensitive
to temperature variations by ensuring TC (Tosc) = 0. Typically, on-chip capacitors (e.g. metal-insulator-metal
or polysilicon-polysilicon capacitors) have very small TCs, compared with those of on-chip resistors (e.g. see
Table 3.1 TC

(
Cpoly1

)
= +0.03× 10−3/oC ). Thus, it can be assumed that TC (Tosc) ≈ TC (R) and the design

goal is to minimize TC (R) . One method of minimizing TC (R) is to use a composite resistor, which is either
a series or parallel combination of positiveTC and negativeTC resistors [13, 18].

TC (Tosc) =
1

Tosc

∂Tosc

∂T
=

1
R

∂R
∂T

+
1
C

∂C
∂T

(3.17)

= TC (R)+TC (C) (3.18)

For the proposed circuit in Fig. 3.8, the TC ( fosc) can be derived from (3.13) as given by (3.19). Assume
that TC (C) is negligible, thus TC ( fosc) ≈ TC (GM). Since GM is described by (3.12), the TC (GM), and thus
TC ( fosc), can be derived as given by (3.22). Therefore TC ( fosc) can be minimized by canceling the two terms
of TC (R) and TC (gm1) in (3.22).

TC ( fosc) =
1

fosc

∂ fosc

∂T
=

1
GM

∂GM

∂T
− 1

C
∂C
∂T

(3.19)

= TC (GM)−TC (C) (3.20)

TC ( fosc) ≈ TC (GM) =
1

GM

∂GM

∂T
(3.21)

= −
(

gm1R
1+gm1R

)
TC (R)+

(
1

1+gm1R

)
TC (gm1) (3.22)

In Fig. 3.8, M1 will operate mostly in the saturation region as VC increases. Thus, assuming the MOSFET’s
square-law relationship, TC (gm1) can be derived as given by (3.24). Since both TC (µn) and TC (VT H) are
negative [25], TC (gm1) can be either positive or negative depending on the value of VGS. Note that there is a
specific value of VGS which can give TC (gm1) = 0 and this is usually known as the zero temperature coefficient
(ZTC) point of MOSFET [25]. In this work, M1 is biased in the region below the ZTC point, thus second term
in (3.24) dominates and gm1 increase with temperature or TC (gm1)> 0. Therefore, from (3.22), a positive-TC
resistor should be used to compensate with TC (gm1) in order to achieve low TC ( fosc).

TC (gm1) =
1

gm1

∂gm1

∂T
=

1
µn

∂ µn

∂T
−
(

VT H

VGS−VT H

)
1

VT H

∂VT H

∂T
(3.23)

= TC (µn)−
(

VT H

VGS−VT H

)
TC (VT H) (3.24)

Fig. 3.9 shows the effect of temperature variations on VC, which were obtained by using ideal IC and IR
with zero TCs and ideal resistor R with TC (R) = 0. According to (3.22) and (3.24), gm1 and GM increase
with temperature thus the effective VR is reduced (i.e. the peak voltage of the sawtooth waveform in Fig.
3.9 decreases as temperature increases), and thus fosc is increased as temperature increases. Temperature
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Figure 3.9: Effect of temperature variations on VC and fosc with TC (IC) = TC (IR) = TC (R) = 0.

compensation of fosc can be achieved by either reducing IC (and IR) or increasing R as temperature increases.
The two approaches are demonstrated in Fig. 3.10.

In Fig. 3.10(a), TC (IC) = 0 and TC (R) = +1.4× 10−3/oC, the charging rate of VC (∂VC/∂T) is unaffected by
temperature variations and R is increased with temperature to compensate for the increase of gm1. This keeps
GM and the effective VR relatively constant with temperature, and thus fosc can be insensitive with temperature.
In Fig. 3.10(b), TC (IC) = TC (IR) =−2.5×10−3/oC and TC (R) = 0, the charging rate ∂VC/∂T (due to reduced
IC) and VR (due to reduced IR) are decreased proportionally as temperature increases, and thus fosc is insensi-
tive with temperature. Fig. 3.11 shows the simulated frequency variations of fosc, over a temperature range of
−40 oC to +120 oC, without compensation (in grey with TC (IC)= TC (R)= 0) and with ideal compensation (in
green with TC (IC)= 0 & TC (R)=+1.4×10−3/oC). The average TC ( fosc) can be reduced from 783.33 ppm/oC

(without compensation) to about 10.05 ppm/oC (with optimum compensation). Therefore, the optimum com-
pensation can be achieved with either TC (IC) = 0 & TC (R) = +1.4× 10−3/oC or TC (IC) = −2.5× 10−3/oC

and TC (R) = 0. However, in practice, either TC (IC) = 0 or TC (R) = 0 cannot be obtained, and thus a more
practical design approach is to choose a value of TC (R) and find the optimum value of TC (IC) to achieve the
best temperature compensation.

Table 3.1 shows the fractional temperature coefficients of the on-chip resistors and capacitors available in our
0.35-µm CMOS technology. Note that the TC of polysilicon capacitor (C-poly) is very small (+0.03×10−3/oC)
and thus it is neglected. It can be seen that the TCs of the diffusion resistors (Rdiffn or Rdiffp) are quite close
to the required TC, however the resistance of diffusion resistors, especially at large resistance, are practically
voltage-dependent and non-linear. The TC of the diffusion resistors varies substantially with its resistance and
voltage, thus they are not suitable for our design. The polysilicon resistors (R-poly1 or R-poly2) are preferred
because of their excellent linearity, which make their TCs virtually independent with resistance and voltage.
However, the drawback of polysilicon resistors is small sheet resistance, thus relatively large silicon area is
required. It may be argued that a composite resistor, realized by combining polysilicon and n-well resistors
(R-nwell) in series or parallel, can be used to obtain the required TC and save the chip area. However, the
required TC is much closer to the TC of polysilicon resistor, thus the suitable composite resistance need to
use polysilicon resistance much larger than the n-well resistance. For example, a 150-kΩ series-composite
resistance requires about 140-kΩ of R-poly1 and 10-kΩ of R-nwell to obtain the desired TC (R) = +1.4×
10−3/oC. In this case, the area saving of a composite resistor is insignificant, and thus R is implemented with
R-poly1. Since the TC of R-poly1 is +0.9× 10−3/oC, the temperature compensation is not optimum, and the
achievable TC ( fosc) with TC (IC) = 0 is about 282.05 ppm/oC over a temperature range of −40 oC to +120 oC,
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Figure 3.10: Effect of temperature variations on VC and fosc with (a) TC (IC) = TC (IR) = 0 & TC (R) =
+1.4×10−3/oC and (b) TC (IC) = TC (IR) =−2.5×10−3/oC & TC (R) = 0
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Table 3.1: Fractional temperature coefficients of on-chip resistors and capacitor.
Component Sheet resistance ( Ω/�) 1st-order TC (103/ºC)

R-Poly1 8 0.9
R-Poly2 50 0.59
R-nwell 1,000 6.2
R-diffn 75 1.5
R-diffp 140 1.5
C-poly n/a 0.03
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Figure 3.11: Simulated temperature variations of fosc.

as depicted in Fig. 3.11 (in red). The optimum temperature compensation of fosc can be achieved by using IC
and IR with an optimum negative TC, as demonstrated in Fig. 3.11 (in blue). In this design with R realized by
150-kΩ R-poly1, the optimum temperature compensation was obtained with TC (IC) = -0.9×10−3/oC and the
minimum achievable TC ( fosc) was about 23.19 ppm/oC. Thus, the next design task is to design a bias current
generator circuit that can provide the optimum TC (IC) = -0.9×10−3/oC.

3.3.3 Complete circuit implementation

Fig. 3.12 shows the complete schematic diagram of the proposed oscillator. The conventional constant-gm bias
current generator, realized by M10−M15, RB1 and RB2, is used to provide the currents IC and IR via M3 and M4,
respectively.

A high-speed capacitive-input current comparator [26, 24], realized by M6−M9, is adopted because the circuit
can achieve input current offset and resolution of less than 10 pA. The circuit operation of the current com-
parator can be explained as follow. The input current Ix, which is the difference between IR and I1, is applied
to a CMOS inverting amplifier formed by M8 and M9. The output voltage of the amplifier, va is fed back non-
linearly to the input node via M6 and M7, in order to achieve non-linear input impedance. For small Ix around
the quiescent point, both M6 and M7 are OFF and the input impedance is large and mostly capacitive. The large
input impedance greatly facilitates the detection of small input current levels and thus high current resolution
is achieved. For positive Ix, the voltage at the input node increases and va decreases; this turns M6 ON and a
positive feedback loop is created to fix the voltage and obtain a virtual ground at the input node. For negative Ix,
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Figure 3.12: Complete schematic diagram of the proposed relaxation oscillator

M7 is turned ON and a similar circuit operation occurs. For large input currents, the voltage excursions at the
input node are kept small because of the feedback loop. Rail-to-rail output voltage swing and short transition
time are achieved by using an output CMOS inverters, Inv1 and Inv2. For good temperature compensation of
the oscillation frequency, the propagation time delay (tp) of the comparator is required to be small compared
with the period of oscillation. The propagation time delay is dependent of the size of transistors and power sup-
ply voltage. Minimum-sized transistors were employed to obtain very small tp. Fig. 3.13 shows the simulated
tp as a function of power supply voltage (VDD), over a temperature range of −40°C to +120°C. In our CMOS
technology, the simulated tp is less than 2nS and is almost insensitive to temperature variations when VDD is
greater than 2V. For accurate temperature compensation, the period of oscillation (Tosc) should be greater than
10tp (i.e. 20nS) and thus fosc should be limited to below 50MHz. Simulation results with VDD = 2.5V showed
that the fractional temperature coefficient of tp was about -0.69×10−3/oC. Figure 3.13 found that the proposed
current comparator requires supply voltage too much which is the optimum supply voltage that results in tem-
perature insensitive. Therefore, the supply voltage was selected to be 2.5-V. Fig. 3.14 is plotted the time delay
of the proposed current comparator versus temperature at 2.5-V of supply voltage.

To achieve the required TC (IC) = -0.9×10−3/oC for the optimum compensation, the bias resistor RB with
TC = +3× 10−3/oC has to be employed. In this work, RB is implemented by a series composite resistor, RB1
and RB2, which are realized with R-poly1 and R-nwell, respectively. For a nominal IC of 20 µA, RB = 7.65kΩ

is required and it is realized with RB1 = 4.35kΩ and RB2 = 3.3kΩ in order to achieve the required TC (IC).
Fig. 3.15 shows the simulated IC, over a temperature range of −40 oC to +120 oC, obtained with the series
composite resistor (in blue). It can be seen that the achievable TC is very close to the required value of
TC (IC) = -0.9×10−3/oC (in red).

3.4 Simulation Results

The proposed relaxation oscillator was designed and simulated by using Cadence Spectre with process param-
eters from a standard 0.35-µm CMOS technology. The circuit was designed to operate with a 2.5-V power
supply voltage and a nominal oscillation frequency of about 20MHz at room temperature of 27 oC. The nominal
values of C, IC and m were chosen to be 0.5 pF, 20 µA and 4, respectively. The resistors R, RB1 and RB2 were
realized with 150-kΩ R-poly1, 4.35-kΩ R-poly1 and 3.3-kΩ R-nwell. Using the above parameters and bias-
ing conditions, the oscillation frequency of 21.14MHz was obtained with an average TC ( fosc) of 20.59 ppm/oC

over a temperature range of −40 oC to +120 oC, as depicted in Fig. 3.16 (in blue). The frequency variations
of the proposed oscillator was also examined at other oscillation frequencies by changing only the values of
C to 0.25pF, 0.75pF, and 1.0pF, and thus the oscillation frequency was changed to 34.26MHz, 15.43MHz,
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Figure 3.13: The optimum VDD for resulting to the delay time insensitive temperature.

Figure 3.14: Temperature curve of the time delay at power supply voltage of 2.5-V.
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Figure 3.15: Simulated temperature variations of IC generated by the constant-gm biasing circuit with RB1 and
RB2 realized by R-poly1 and R-nwell, respectively.

and 12.19MHz, respectively. Simulations were performed without re-optimization and the resultant frequency
variations were plotted in Fig. 3.16. The average TC ( fosc) of the three cases are less than 65 ppm/oC over the
temperature range of −40 oC to +120 oC. Note that the frequency variation is increased when C is increased
because the discharging time td is increased and becomes a larger proportion of Tosc and thus it’s variation
cannot be ignored. On the other hand, the frequency variation is also increased when C is decreased because
the charging time tc is decreased and thus td and tp become significant proportions of Tosc and their variations
cannot be ignored.

Figure 3.17 shows the physical layout of the proposed oscillator with C = 0.5 pF and it occupies an active
area of 0.016 mm2. Post-layout simulation showed that the average TC ( fosc) increased to 34.16 ppm/oC, as
shown in Fig. 3.16. The effects of mismatch and process variations on the variations of fosc were evaluated
by performing Monte-carlo simulations. Figures 3.18(a) and (b) plot the simulated 100-sample histograms of
fosc at 21.14 MHz under mismatch and process variations, respectively. The resultant frequency deviations are
1.17% (0.247 MHz) and 21.4% (3.947 MHz) under mismatch and process variations, respectively. Thus, the
oscillation frequency is very robust under parameter mismatches.

One drawback of the oscillator in Fig. 3.12 is that the output voltage has a very small duty cycle, however
this can be overcome easily by replacing the discharging MOSFET switch with a constant discharging current
source. The modified oscillator is depicted in Fig. 3.20, where M2 (in Fig. 3.12) now realizes a constant
discharging current source (ID) which is a replica of the reference current. The charging (IC) and discharging
currents are turned on and off alternately by MOSFET switches, M16 and M17. The duty cycle is simply
determined by the ratio of IC/(IC+ID). Since both IC and ID are replicas of the reference current, their temperature
variations will be closely matched and their effects to the oscillation time period and duty cycle will be canceled
out.

The modified current-controlled relaxation oscillator circuit to adjusting a larger of the duty cycle, consists of an
integrating capacitor (C), a charging current source (IC), a discharging current source (ID), a reference current
(IR), a resistive source-degeneration transconductor (formed by M1 and R), controlled switches (S1 and S2)
and a current-mode comparator as shown in Fig. 3.19(a). The transconductor is used to convert the capacitor
voltage (VC) to a current (I1) in order to compare with the constant reference current IR. The resultant current
(Ix = IR− I1) is applied to the current-mode comparator. The simple source-degeneration transconductor is
employed in order to achieve high oscillation frequency and low power consumption. The operation of the
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Figure 3.16: Simulated temperature variations of the oscillation frequencies.

Figure 3.17: Layout of the proposed oscillator
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(a)

(b)

Figure 3.18: Monte-carlo simulation results of fosc with (a) mismatch and (b) process variations.
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Figure 3.19: (a) Simplified circuit diagram of the proposed relaxation oscillator and (b) its voltage waveforms.

Figure 3.20: The proposed relaxation oscillator.

proposed oscillator can be explained as follows.

Suppose initially that switch S1 is OFF and switch S2 is ON , IC will charge the integrating capacitor to raise
VC and I1 When I1 exceeds IR or I1 > IR (i.e. Ix < 0) then Vout is HIGH and S1 is turned on and S2 is turned off
, then ID will discharge the capacitor to lower VC and I1. When I1 < IR, Vout goes LOW and turns off S1 and
turns on S2, and the cycle is repeated. Thus the capacitor is charged and discharged periodically by IC and ID,
respectively. The waveforms of the capacitor (VC) and output voltages (Vout ) are depicted in Fig. 3.19(b), which
shows that VC swings between the equivalent upper and lower threshold voltages of VRH and VRL, respectively.
The values of VRH and VRL are approximately given by

VRH(L) =
IR

GMH(L)
= IR

(
R+

1
gm1H(L)

)
(3.25)

where GMH(L) and gm1H(L) are the transconductances of the transconductor and M1 during the charging (with
subscript H) and discharging periods (with subscript L). Due to the body effects of M1, the values of gm1 during
the charging and discharging periods are different, which leads to different values of VRH and VRL.

The period of oscillation (Tosc) is still given by (3.10), where tc is the charging time due to IC, tp is the propa-
gation delay time of the comparator and td is the discharging time due to ID. For oscillation frequencies in the
range of tens of MHz, it can be assumed that tp is much less than tc and td , and Tosc ≈ tc + td .
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Considering the time-domain waveforms of VC and Vout in Fig. (3.19), the period of oscillation (TOSC) is
changed from (3.10) to (3.26) as

Tosc = tc +2tp + td ≈ tc + td . (3.26)

From (3.25), the voltage swing of VC is approximately given by

4VC =VRH −VRL = IR

(
1

GMH
− 1

GML

)
(3.27)

Thus assuming that IR = mIC, Tosc can be easily derived as given by

Tosc ≈ tc + td =
C4VC

IC
+

C4VC

ID
(3.28)

=

(
1

GMH
− 1

GML

)
Cm
(

1+
IC
ID

)
(3.29)

From (3.29), when IC = ID we have tc = td and Vout will have 50% duty cycle. The duty cycle is simply
determined by the ratio of IC/(IC+ID).

The temperature dependence of a parameter can be characterized by the fractional temperature coefficient (TC).
The TC of Tosc (TC (Tosc)) can be calculated by (3.30).

TC (Tosc) =
1

Tosc

∂Tosc

∂T
(3.30)

For the proposed circuit in Fig. 3.19(a), the TC (Tosc) can be derived from (3.29) as given by (3.31).

TC (Tosc) =− 1
GMH

∂GMH

∂T
+

1
GML

∂GML

∂T
+

1
C

∂C
∂T

+
1
IC

∂ IC
∂T
− 1

Id

∂ ID

∂T
(3.31)

= −TC (GMH)+TC (GML)+TC (C)+TC (IC)−TC (ID) (3.32)

In the same case the TC (C) is negligible, and when both IC and ID are replicas of the same reference current,
their temperature variations will be closely matched and their effects to the oscillation time period and duty
cycle will be canceled out, e.g. TC (IC)≈ TC (ID). Therefore,

TC (Tosc)≈−TC (GMH)+TC (GML) (3.33)

Ideally, the temperature coefficients TC (GMH) and TC (GML) are equaled since they are derived from the same
transconductor circuit so they will cancel out in (3.33) and TC (Tosc) will be approximately zero. However, in
practice, TC (GMH) and TC (GML) will be slightly different due to higher-order effects thus TC (Tosc) will be
somewhat larger.

Fig. 3.20 shows the schematic diagram of the proposed oscillator. The conventional constant-gm bias current
generator, realized by M10 −M17, RB1 and RB2, is used to provide the currents IC and IR via M3 and M4,
respectively. The discharging MOSFET switch S1 with a constant discharging current source (ID) is used a
replica of the reference current. The charging (IC) and discharging currents are turned on and off alternately
by MOSFET switches, M18 and M19. The duty cycle is simply determined by the ratio of IC/(IC+ID). Since both
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Figure 3.21: Simulated temperature variations of the oscillation frequencies.

IC and ID are replicas of the reference current, their temperature variations will be closely matched and their
effects to the oscillation time period and duty cycle will be canceled out. A high-speed capacitive-input current
comparator [24], realized by M6−M9, is adopted. Rail-to-rail output voltage swing and short transition time are
achieved by using an output CMOS inverters, Inv1 and Inv2.

The simulation results of the modified relaxation oscillator by using process parameters from a standard
0.35-µm CMOS technology. The circuit is designed to operate with a 2.5-V power supply voltage. A cur-
rent comparator is remained to easily achieve the delay time (tp) in the order of a few nanoseconds, thus tp
can be neglected for Tosc larger than tens of nanoseconds. For accurate temperature compensation, the pe-
riod of oscillation (Tosc) should be greater than 10tp (i.e. 20nS) and thus fosc should be limited to below
50MHz. Simulation results with VDD = 2.5V showed that the fractional temperature coefficient of tp was
about -0.69×10−3/oC.

A nominal oscillation frequency of the proposed circuit can be operated about 30MHz at room temperature of
27 oC. The nominal values of C, IC and m are chosen to be 0.5 pF, 20 µA and 4, respectively. The resistors
R, RB1 and RB2 are realized with 150-kΩ R-poly1, 6.62-kΩ R-poly1 and 1.04-kΩ R-nwell. Using the above
parameters and biasing conditions, the oscillation frequency of 32.48MHz is obtained with an average TC ( fosc)
of 28.41 ppm/oC over a temperature range of −40 oC to +120 oC, as depicted in Fig. 3.21. The effects of
mismatch and process variations on the variations of fosc are evaluated by performing Monte-carlo simulations.
Figures 3.22(a) and (b) plot the simulated 100-sample histograms of fosc at 32.48 MHz under mismatch and
process variations, respectively. Thus, the oscillation frequency is very robust under parameter mismatches.

The duty cycle of the output voltage of the circuit in Fig. 3.12 is about 5%. The modified oscillator in Fig.
3.20 was designed and simulated with IC = ID = 20 µA to achieve a duty cycle of 50%. The circuit oscillates
at 32.5MHz with an average TC ( fosc) of 28.4 ppm/oC over a temperature range of −40 oC to +120 oC, as also
depicted in Fig. 3.16.

In principle, the proposed temperature-compensated oscillator can be realized using a state-of-the-art ultra
deep submicron CMOS process because temperature coefficients of resistors and capacitors are not drastically
different over process nodes. In practice, the circuit will generally face two main design issues including
smaller power supply voltage and larger transistor mismatch. Smaller power supply voltages will increase
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(a)

(b)

Figure 3.22: Monte-carlo simulation results of fosc with (a) mismatch and (b) process variations.
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Parameters Fig. 3.12s Fig. 3.20 [27]m [9]m [15]m [19]m [28]
Process (nm) 350 350 130 180 65 180 0.35
Supply (V ) 2.5 2.5 1.0 1.8 1.2 1.8 1.2

Freq. (MHz) 21 32.48 1.24 1.1 12.6 14 10
Power (µW ) 201 241.5 5.8 0.859 98.4 45 80
Temp (oC) -40 to 120 -40 to 120 -40 to 80 -20 to 80 0 to 80 -40 to 125 -20 to 100
TC (ppm/oC) 34.16 28.41 -296 64.3 205 23.03 66.7
Area (mm2) 0.016 - 0.016 0.075 0.01 0.04 -

FOM1 168.1 171.9 149.5 163.4 159 172.8 162.7
FOM2 186 - 167.5 174.7 178.9 186.7 -

Table 3.2: Performance summary and comparison.

the propagation delay time of the current-mode comparator and its contribution to the oscillation time period,
however this effect can be counterbalanced by using minimum-length transistors. More importantly, the current
generator circuit will suffer from reduced headroom voltage under small supply voltages. Transistors employed
for the current generator and current mirrors should have large channel width and length to reduce mismatch
and variation.

Table 3.2 shows the performance summary and comparison with other high-frequency relaxation oscillators by
using FOM defined by (4.41) and (3.35). The calculated FOM of the proposed oscillators are 186 (the proposed
oscillator) and 171.9 (the modified of the proposed oscillator), which is competitive with other oscillators. The
proposed circuit achieves the lowest temperature coefficient with the highest oscillation frequency.

FOM1 = 10log
(

f 2
osc

Pdiss
· 1

TC ( fosc)

)
(3.34)

FOM2 = 10log
(

f 2
osc

Pdiss ·Area ·TC ( fosc)

)
(3.35)

3.5 Summary

A temperature-compensated high-frequency current-controlled relaxation oscillator has been described. Source-
degenerated transconductor and current-mode comparator are used to achieve high speed and low power dissi-
pation. Temperature compensation is achieved by using suitable composite resistors and temperature compen-
sated current sources. Simulation results showed that the proposed circuit could operate at 21-MHz oscillation
frequency with an average TC of 20.59 ppm/oC over a temperature range of −40 oC to +120 oC, while dissipat-
ing 201 µW from a single 2.5-V power supply voltage. Due to the output voltage of the proposed relaxation
oscillator has a very small duty cycle, but this can be overcome easily by replacing the discharging MOS-
FET switch with a constant discharging current source. The modified relaxation oscillator can be operated
at 32.48-MHz oscillation frequency, while dissipating 241.5 µW from a single 2.5-V power supply voltage.
The modified relaxation oscillator exhibits good frequency stability over a wide temperature range of −40 oC
to +120 oC with an average TC of 28.41 ppm/oC. Therefore the proposed and the modified oscillator exhibits
good frequency stability over a wide temperature range, which renders it viable as a frequency reference for
short-range low-cost wireless communication systems.



Chapter 4

Low-phase noise CMOS ring oscillator

This chapter is concerned with the design and implementation of CMOS ring oscillators with low phase noise
and is is organized as follows. Section 4.1 describes a brief review of previous works on low-phase noise ring
oscillators and the analysis of phase noise of single-ended and differential ring oscillators. Section 4.2 describes
the proposed low-power, low-phase noise CMOS ring oscillators. Finally, conclusion is given in section 4.3.

4.1 Analysis of Jitter and Phase Noise in CMOS Ring Oscillators

This section describes and review the analysis of jitter and phase noise in CMOS ring oscillators from the
literature [29].

4.1.1 Relation between jitter and phase noise

Jitter and phase noise are fundamentally different, and the relationship is not obvious. The jitter is motivated
by the issue that baseband communication systems specify clock purity in the time domain, either as the jitter
in a single period of the clock, which is known as period jitter, or by accumulated jitter over N cycles of the
clock. While phase noise of an oscillator specifies an oscillator’s frequency instability in the frequency domain
to indicate random accelerations and decelerations in phase (φ) as an oscillator orbiting at a nominally constant
frequency ( fo) in steady-state. Fig. 4.1 shows an example of a noisy oscillatory waveform that is nominally free
of DC and the period (τ) may be defined as the interval between successive zero crossings of the waveform
with positive slope. A set of discrete random variables is the presence of phase noise {τ} and the standard
deviation στ is defined by the discrete sequence around the mean value of the period jitter. By contrast, the
power spectrum density (PSD), Sφ ( f ) is used to specify a continuous random variable of the phase noise. We
can derive the relation between the jitter and phase noise as follows [29].

The time period of an oscillatory waveform can be derived as

τi =
1

2π fo
(φ (ti+1)−φ (ti)) =

1
2π fo

∆φi (4.1)

where φ is a continuously evolving variable and ∆φ is calculated by the first-difference operation, which is, by
subtracting it after a delay equal to the nominal period 1/ fo. Thus, the spectral density S∆φ ( f ) can be derived
as
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Figure 4.1: The relationship between phase noise and period jitter of the connection between phase of an
oscillation [29]

S∆φ ( f ) = Sφ ( f ) |1− e− j2π f/ fo |2 = 4Sφ ( f )sin2 (π f/ fo) . (4.2)

From (4.2) and (4.1), the spectral density of jitter can be expressed as

Sτ ( f ) = Sφ ( f )
sin2 (π f/ fo)

(π fo)
2 . (4.3)

Equation (4.3) is the spectrum of the quantity τ sampled at fo, and is defined only over the frequency range (0,
fo/2). In practice, the spectral density of jitter is usually indicated by its mean-square value σ2

τ , as would be
measured by a time-domain instrument such as a digital oscilloscope. Using the Wiener–Khinchine theorem,
σ2

τ can be as expressed as

σ
2
τ =

∞∫
0

Sτ ( f )d f =
∞∫

0

Sφ ( f )
sin2 (π f/ fo)

(π fo)
2 d f . (4.4)

Equation (4.4) describes the general form of the relation between jitter and phase noise Consider a special case
of (4.4) when all phase noise arises from white noise sources, the relationship between the single side band
(SSB) phase noise PSD L ( f ) at moderate frequency offsets is given by

L ( f ) =
Sφ ( f )

2
=

Sw

f 2 (4.5)

where Sw is a coefficient specific to an oscillator and its noise sources. From (4.4) σ2
τ can be evaluated exactly

as:

σ
2
τ =

2
π f 3

o
Sw

∞∫
0

sin2x
x2 dx =

Sw

f 3
o
. (4.6)

Thus
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L ( f ) = σ
2
τ

f 3
o

f 2 (4.7)

Equation (4.7) expresses the relationship between jitter and phase noise by analyzing only white noise sources.
This equation will be used to analyze the phase noise of ring oscillators in the following sections.

4.1.2 Type of noise in ring oscillators

This section describes an analysis of phase noise of CMOS inverter-based single-ended ring oscillators. The
following analysis describes an accurate estimation of the time delay of CMOS inverter and jitter or phase noise
in ring oscillators. The propagation delay (td) of a CMOS inverter is defined as the time between when the
input crosses the switching threshold or toggle point (VM) of the inverter to when its output crosses the toggle
point of the next inverter [29]. Figure 4.2 (a) shows the time-domain output waveform of a CMOS inverter,
where the propagation delay is estimated by the gate delay of the CMOS inverter driving the input capacitance
of the next stage to cross the trip point in response to an input step. In a practice, the input waveforms have a
finite slope that are not ideal steps, which results in the case of balanced CMOS inverters with equal pull-up
and pull-down. Therefore, a refinement of the calculation based on step response delay has to be performed
to take into account the finite slope of the input ramp, as shown in Fig. 4.2(b). The delay in the first step of
Fig 4.2 (b) is the time that it takes the ramp to reach the inverter toggle point, and the delay in the second step
depends on the load capacitance and the ramp rate at the input. The delay between the first and second steps,
τ f , is roughly half of the remaining time for the input ramp to reach its final value. If τ f → 0, then the delay
with a step input [Fig. 4.2(b)] will be equaled to the estimation again. The input step is correctly located in
time, because is measured from the time that the input crosses the toggle point. We will use this simplification
in subsequent analysis.

A CMOS inverter that produces a voltage ramp at its output in response to a correctly positioned step input is
modeled in this section for the analysis of phase noise in a ring oscillator. Jitter and phase noise due to white
noise, control noise and flicker noise will be described. We will start by describing a basic CMOS inverter
which is one delay stage of a ring oscillator. Then, we will describe a N-stage of inverter-based ring oscillator.
Next, we will discuss the jitter and phase noise when a ring oscillator is used as a voltage-controlled oscillator
(VCO) and we will discuss the phase noise due to VCO control signal or we call that the control noise. Finally,
a ring oscillator phase noise due to flicker noise will be described.

Jitter and phase noise analysis due to white noise

The analysis of phase noise due to white noise sources of an inverter delay stage can be performed by consid-
ering signal and noise current as shown in Fig. 4.3. In case of a positive input step, the PMOS is shut off and
the NMOS is biased in the saturation region. The NMOS pulls down the voltage on C from VDD to 0. Then,
the propagation delay td of the inverter delay stage is determined by the time from the input step to when the
output ramp crosses the next inverter’s toggle point, which is located at VDD/2. Note that, an inverter with sym-
metrical toggle point results in unequal rise and fall times. The NMOS enters triode region when vout crosses
(VDD−VtN) . If (VDD−VtN)> (1/2)VDD, the NMOS will enter the triode region during the propagation delay,
otherwise not. While the NMOS is in saturation, the discharge current is equaled to

INMOS = IDNsat = IN = (1/2)µC
′
ox (W/L)(VDD−VtN)

2 . (4.8)

The discharging current in (4.8) will fall gradually in the triode region. Assuming that the drain current of
the NMOS does not change significantly when it enters the triode region during tdN . Thus, the output voltage
crosses the toggle point with a slope given by
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Figure 4.2: (a) Propagation delay defined in response to a step voltage input. (b) Realistic ramp input, which
can be approximated by a two-step input for any fanout.

Figure 4.3: The analytical phase noise with inverter, is shown signal and noise current.



CHAPTER 4. LOW-PHASE NOISE CMOS RING OSCILLATOR 50

dvout/dt = IDNsat/C. (4.9)

The current in Fig. 4.3 is accompanied by noise in from the NMOS. Then, the spectral density of the noise can
be given by

SinN = 4kT γNgDS0 = 4kT γNgm = 8kT γN
IDNsat

VDD−VtN
. (4.10)

where gDS0 is the zero-bias drain source conductance and γN is the coefficient of NMOS for long-channel
devices in the saturation region. in is a noise current that integrates on a capacitor C over an interval td . The
resulting voltage vn is given by

vn =
1
C

td∫
0

indt (4.11)

The capacitor C integrates noise into voltage over the window td = tdN . This voltage varies randomly at a rate
that is inversely proportional to tdN , advancing or delaying the instant of threshold crossing. The dynamics of
the threshold crossing are described by

tdN∫
0

IN + inN

C
dt =

VDD

2
(4.12)

where tdN is a random variable that arises from noise current. The statistics of tdN follow:

tdN ≡ 〈tdN〉=
CVDD

2IN
(4.13)

and

σ
2
tdN

=
1
I2
N

〈 tdN∫
0

inNdt

2〉
. (4.14)

The spectral density of tdN can be calculated as

StdN =
t2
dN

I2
N

sinc2 ( f tdN)SiN (4.15)

and the Wiener–Khinchine theorem is used to find the mean-square value

σ
2
tdN

=

∞∫
0

StdN d f =
tdN

πI2
N

SinN

∞∫
0

sin2x
x2 dx (4.16)

Using (4.10) this simplifies to
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σ
2
tdN

=
4kT γNtdN

IN (VDD−VtN)
. (4.17)

Equation (4.17) expresses the uncertainty in the propagation delay caused by current noise integrating on the
capacitor C uncertainty in.

Prior to the switching event the channel resistance of the PMOS pull-up deposits an initial noise on the capaci-
tor. The mean square noise and the associated jitter are

〈
v2

n
〉
= kT/C (4.18)

Then, (4.17) can be rewritten by

σ
2
tdP

=

〈
v2

n
〉

(IP/C)2 =
kTC
I2
P

. (4.19)

Assuming IP = IN , thus, the total jitter due to these two uncorrelated white noise sources is

σ
2
td =

4kT γNtdN

IN (VDD−VtN)
+

kTC
I2
N

. (4.20)

Suppose Fig. 4.3 is considered to be a ring oscillator by comprising N inverter delay stages. Therefore, the
period of oscillation τ will be defined by the time it takes for a transition to propagate twice around the ring
(tdN and tdP). The nominal frequency of oscillation fo is given by

fo =
1

N (tdN + tdP)
' 2

NCVDD

(
1
IN

+
1
IP

)−1

' I/C
NVDD

. (4.21)

We assume that the pull-up and pull-down currents are equal, whereas when the toggle point is symmetric at
(1/2)VDD, they are actually different.

Every propagation delay is jittered by noise in the pull-up or pull-down processes. These noise events are
uncorrelated and add in the total mean-square jitter. Therefore, the variance of period jitter is given by

σ
2
τ = N

(
σ

2
tdN

+σ
2
tdP

)
. (4.22)

Using (4.20) and (4.21), and assuming that VtN =VtP =Vt , then σ2
τ can be written as

σ
2
τ =

kT
I fo

(
2

VDD−Vt
(γN + γP)+

1
VDD

)(
fo

f

)2

(4.23)

Inverter stages toggle in sequence and the pull-up and pull-down processes are alternating. The pull-up current
I charges an inverter’s load C to VDD, then the following inverter stage discharges its pre-charged C to ground.
Thus, the average current that flows from the supply to ground is I . Thus the following conclusions can be
drawn.
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1) The phase noise is independent of the number, N, of delay stages, and depends only on the frequency of
oscillation fo.

2) The technology-dependent parameters are Vt and γ . Therefore the main design guideline is that large power
supply voltage and current should be used to lower the phase noise. The desired oscillation frequency deter-
mines the number of stages.

Jitter and phase noise analysis due to control noise

A CMOS ring oscillator is widely used as the voltage-controlled oscillator (VCO), which is the critical building
block in phase-locked loops (PLLs). Therefore, noise on the frequency tuning voltage or current is an important
factor for phase noise of a ring oscillators. In case of a current-starved inverter, the control voltage VC imposes
a sensitivity κV on the nominal frequency fo, then the resulting phase noise can be expressed by [29]

∂ fo

∂VC
= κV ⇒ S fo ( f ) = κ

2
V SVC ( f )⇒L ( f ) =

κ2
V

4 f 2 SVC ( f ) . (4.24)

The supply voltage VDD has a significant impact on the inverter delay. The switching of nearby digital circuits
can cause disturbances to an oscillator, which can modulate the delay in all the inverters connected to the
perturbed supply voltage. The delay modulation is correlated between the inverters. Even if the power supply
voltage to the oscillator is well-regulated and filtered, flicker noise will probably be present at the regulator
output. Its effect can be estimated by finding the κV and applying (4.24).

Equation (4.21) shows that the oscillation frequency of a ring oscillator depends on VDD, and this dependence
can be made clear assuming that C is only due to the gate capacitance:

fo =
µ

2L2N
(VDD−Vt)

2

VDD
(4.25)

so that

κVDD =
∂ fo

∂VDD
=

µ

2L2N

(
1− V 2

t

V 2
DD

)
' µ

2L2N
(4.26)

Clearly, MOSFETs with long channel length should be employed to desensitize the inverter-based voltage-
controlled oscillator (VCO) against supply voltage noise.

At high frequencies, MOSFET capacitance will further raise the supply sensitivity. This is the main weakness
CMOS inverter that it cannot usually be a precise delay element.

Jitter or phase noise analysis due to flicker noise

Flicker (1/ f ) noise in MOSFET’s is becoming an ever more important problem with shrinking transistor
sizes. The 1/ f noise should be analyzed from first principles because it is qualitatively different, and invokes
different mechanisms of jitter and phase noise. Pull-up and pull-down currents contain flicker noise which
may not fluctuate over a single transition, but varies slowly over many transitions. The noise arising in every
MOSFET is, of course, uncorrelated.

Assuming Ink and Ipk are the pull-down and pull-up currents supplied, respectively, by the NMOS and PMOS
in the k-th stage of an N-stage ring oscillator. Then the period of oscillation and frequency fo can be derived as
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τ =
CVDD

2

(
1

In1
+

1
Ip2

+ . . .+
1

IpN
+

1
Ip1

+
1

In2
+ . . .+

1
InN

)
(4.27)

fo =
2

CVDD

(
N

∑
j=1

1
In j

+
1

IP j

)−1

(4.28)

In case of the symmetrically designed inverter, that is the pull-up and pull-down currents are equal to I, the
expression for frequency is identical to (4.21). The sensitivity of fo to the pull-down current in the k-th inverter
is

∂ fo

∂ Ink
=

2
CVDD

(
N

∑
j=1

1
In j

+
1

Ip j

)−2
1

I2
nk

(4.29)

=
CVDD f 2

o

2I2
nk

=
fo

2NI
. (4.30)

A VCO gain is expressed in (4.29), then, using (4.24), the SSB phase noise resulting from flicker noise of
spectral density S1/ f

I2
nk

in the k-th pull-down current is

L ( f ) =
1

4 f 2

(
fo

2NI

)2

S1/ f
I2
nk

( f ) (4.31)

and due to the uncorrelated contributions of the N NMOSs and PMOSs in the oscillator it is

L ( f ) =
1

4 f 2

(
fo

2NI

)2

×N
(

S1/ f
I2
nk

+S1/ f
I2
pk

)
(4.32)

=
1

16NI2

(
S1/ f

in +S1/ f
ip

)( fo

f

)2

. (4.33)

The spectral density of flicker noise in terms of MOSFET geometry and bias will be specified to obtain design
insight. According to the flicker noise PSD in NMOS referred to the MOSFET gate as a voltage v1/ f

n is given
by the expression

S1/ f
vn =

K f n

WLC′ox f
(4.34)

where K f p andK f n ' 10−24 are the empirical coefficient of the expression holds for PMOS and NMOS, which
are essentially independent of bias and technology, respectively. One can estimate an upper limit on the effects
of flicker noise by setting K f n = K f p . To find the noise in the drain current we use (4.8) then,

S1/ f
in = g2

mS1/ f
vn =

(
2I

VDD−Vt

)
K f

WLC′ox f
. (4.35)

The final expression for SSB phase noise induced by flicker noise is
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Figure 4.4: Concept of switched biasing (VT > 0).

L ( f ) =
1

4N (VDD−Vt)
2

(
K f n

WnLn
+

K f p

WpLp

)(
f 2
o

f 3

)
(4.36)

=
C
′
ox

8NI

(
µnK f n

L2
n

+
µpK f p

L2
p

)(
f 2
o

f 3

)
. (4.37)

Note that the lower flicker noise up conversion into phase noise can be designed by choosing large W/L to burn
as much current in the oscillator as the budget allows, and use MOSFETs with the longest practical channel .
As the ring oscillator’s average bias current does not depend on the number of stages N, use the largest number
of stages. These guidelines will also lower phase noise due to white noise sources.

1/ f noise in MOSFET’s is becoming an ever more important problem at shrinking transistor sizes. It is one
of the factors limiting the achievable dynamic range of electronic MOS circuits. The problem of noise in
MOSFET’s is introduced by Bram Nauta and members that noise reduction by increasing device dimensions
comes at the cost of speed or power consumption. The techniques to reduce noise is presented by cycling a
transistor between strong inversion and accumulation for an NMOS to clarify the difference with the switched
biasing technique. Figure 4.4 shows the principle of switched biasing and compares it to constant biasing.
Note that an active state in strong inversion which it contributes to the functional operation of a circuit. While
an inactive state, the MOS transistor is not operational which is introduced reducing the noise of the MOS
transistor during its operational state.

Thus, the basic idea of ring oscillator that can reduce 1/ f noise by using a current-starved CMOS ring oscillator
delay stage is proposed in this section.

4.2 Low Phase Noise Ring Oscillator Design

In this section demonstrates the technique for low noise of ring oscillator. A current-starved CMOS ring
oscillator which highlights the switched biasing technique of control voltage, VCT L dependence of phase noise.
The current-starved with the switched biasing technique of control voltage. Next the circuit is improved a
voltage swing by using latch-inverter technique to minimizing phase noise.

To minimize phase noise from fundamental sources such as thermal noise, the oscillation’s amplitude should
be maximized, which is more easily achieved with a single-ended delay stage. A CMOS single-ended ring
oscillator in Fig. 4.8 does not allow easy frequency tuning method so we opt for a current-starved delay stage
as shown in Fig. 4.5.
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Figure 4.5: A current-starved ring delay stage.

4.2.1 The concept of the proposed of low noise ring oscillators design

The stage delay and oscillator frequency can be controlled by the bias current of the starved inverter, which
is governed by the series PMOS and NMOS transistors operating either in saturation or triode regime as in
Fig. 4.5. the transistors MN3 and MP4, limit the current available for charging and discharging the load
capacitance CL. The oscillator control voltage VCT L may be separated into two control voltages VCT L(N) and
VCT L(P). In practice, there will be some mismatches so rising and falling propagation delays will be unequal.
An advantage of this technique is the wide tuning range, since the charging/discharging current can be varied
over a wide range. The frequency of operation is determined by the delay of each element and the number of
delay elements.

The single-ended ring oscillator is designed for the maximum operating frequency The minimum delay of
single stage is determined by the current sourced/sunk by the active devices and the parasitics capacitance.
When the current starving transistors, MP4 and MN3, Fig. 4.5, are operating in saturation the delay of each
element can be approximated as

Td ≈
CL

2IPN
Vsw (4.38)

where CL is load output capacitance, IPN is the current provided by MP4 or MN3, which corresponds to charg-
ing/discharging current of C, and Vsw is a clock buffer (inverter) swing voltage (for MP4 and MN3 to stay in
saturation, the voltage swing must be less than the supply voltage, VDD). According to (4.38), linear delay vari-
ation, T d , is possible to achieve if either C or Vsw varies linearly. In standard inverter’s realization Vsw =VDD/2.
The signal goes through each of the M delay stages once to provide the first phase shift in a time of MTd . Then,
the signal must goes through each stage a second time to obtain the remaining phase shift, resulting in a total
period of 2MTd . Therefore, the frequency of oscillation is

fo =
1

2MTd
(4.39)

The delay of each inverter depends on its load capacitance as well as its biasing current from control voltage,
VCT L. Therefore, a control voltage source with a square wave signal switches the gate-source voltage of the
NMOS and PMOS between two bias values. Figure 4.6 shows the proposed technique of a switched biasing
control voltage to improve phase noise.
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There

Figure 4.6: The current-starved with the switched biasing technique of control voltage.

Figure 4.7: The current-starved with the switched biasing technique of control voltage.

One technique, that has been recently explored to make inverter based circuits less sensitive to process and
temperature variations, is the self-biased method. This technique removes the biasing circuitry, thus, leading
to a reduction in power and die area. Furthermore, as it will be proposed in this paper, self-biasing can further
improve the phase noise of the ring oscillator by eliminating the unconverted low-frequency flicker noise caused
by the traditional biasing circuitry. Moreover, variations in circuit performance due to deviations in biasing
voltages can be reduced 1/ f noise by using a switched biasing control voltage technique as shown in Fig.4.7.

Therefore, a low phase noise CMOS ring oscillator using a new self-biased inverter delay cell. The self-biased
inverter delay cell is proposed to reduce phase noise of the oscillator. To validate the phase noise reduction
of the proposed self-biased ring oscillator (SBRO), a conventional fixed bias current-starved three-stage ring
oscillator (CBRO) was also designed and simulated for comparison. Both oscillators were designed with similar
oscillation frequencies and current consumption, based on the current-starved with latch inverter structure. The
self-biasing technique removes the biasing circuitry, thus, lead to a reduction in power and die area. Moreover,
the self-biasing delay cell improves phase noise of the ring oscillator by eliminating the up-converted low-
frequency flicker noise caused by the traditional fixed biasing circuitry [30]. A capacitor tuning technique was
adopted in the ring oscillator to achieve frequency tuning.
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Figure 4.8: (a) Overall circuits of the proposed self-biased differential ring oscillator. (b) The latch-inverter
delay cell. (c) Switched capacitor LSB implementation with thermometer code.

4.2.2 Low Phase Noise with self-biased inverter delay cell

Fig. 4.8 shows the schematic circuit diagram of the proposed differential ring oscillator. It consists of three
identical differential inverter delay stages. Each stage is implemented with two CMOS inverters in Fig. 4.8(b),
inv1 and inv2. A pair of cross-coupled inverters, inv3 and inv4, is used to achieve fast and full output voltage
switching of the delay cell, which reduces the phase noise of the oscillator [30]. The CMOS inverters, inv1 and
inv2, are realized by using the current-starved topology. Nodes VBp and VBn, which are the source terminals
of PMOS and NMOS of the inverters, respectively, are connected to the biasing MOSFETs (M1−M6). The
gates of the biasing MOSFETs are connected to the output nodes of the inverters rather than a DC bias voltage
as in the case of normal current-starved delay cell. Therefore the delay cell is self-biased. Since the gates
of M1−M6 are connected to the output nodes of the inverters, they are turned ON and OFF alternately and
provide switching bias current to the inverters. Switching of biasing current can reduce the phase noise due to
up-converted 1/f noise [31].

Since the delay cell is self-biased, the frequency of oscillation can be tuned and controlled by changing the
inverters’ load capacitance. This is achieved by using a switched capacitor array. The oscillation frequency
of a ring oscillator is inversely proportional to the load capacitance. Increasing the capacitance reduces the
oscillation frequency. In this work, the digitally-controlled switched capacitor tuning array in Fig. 4.8(c) is
used to achieve fine frequency tuning. A 4-bit digital control word is used to switch the capacitor array, thus
there are 15 MOSFET switches. The capacitors C1 and C2 are 10-fF and 200-fF, respectively. The capacitors
C3−C17 are equal to 30-fF. The change in capacitance when the nth MOSFET switch is turned ON is given by
(4.40).

∆C =
C1C2C3 (C1 +C2)

(C1 +C2 + kC3)
2−C3 (C1− kC3 +1)

(4.40)
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Figure 4.9: Simulated phase noise of the proposed ring oscillator vs. the conventional current-starved ring
oscillator.

Figure 4.10: Fine frequency tuning characteristic of the proposed ring oscillator.

4.2.3 Simulation results

Fig. 4.9 plots the simulated phase noise of both ring oscillators. It can be seen that the phase noise of the
proposed ring oscillator is about 20 dB lower than the conventional fixed bias current-starved ring oscillator.
Note that the simulated phase noise at frequency offsets greater than 10MHz may be incorrect because the
simulator model may be invalid as the frequency offsets is increased relative to the oscillation frequency (around
400 MHz). This validates the advantage of using the proposed self-biased inverter delay cell. Fig. 4.10 plots
the fine frequency tuning characteristic of the proposed ring oscillator.

Table 4.1 summarizes and compares the simulated performance of the proposed oscillator. The conventional
figure-of-merit (FOM) in (4.41) is used for comparison, where L ( f ) is the phase noise (dBc/Hz), Δ f is the
offset frequency, f is the oscillation frequency, and PDC is the power dissipation. The proposed ring oscillator
can achieve a FOM of -159.3.

FOM4 = L ( f )+10log

((
∆ f
f

)2 PDC

PREF

)
(4.41)
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Table 4.1: Performance summary.
Metrics Proposed CBRO [32]

Technology (µm) 0.35 0.35 0.28
Vdd(V ) 3.3 3.3 2.5

L ( f )@1MHz (dBc/Hz) -113.62 -96.48 -96
fosc(MHz) 409 405.5 2450
Pdiss(mW ) 4.44 3.11 19.2

FOM -159.3 -143.7 -150.95

Figure 4.11: The overall circuit of the proposed transmitter.

4.2.4 Measurements

The proposed self-biased and current-biased oscillators were designed and fabricated by using process parame-
ters from a 0.35-µm CMOS technology. Post-layout simulation of both ring oscillators showed that the circuits
operate at 256-MHz and 252-MHz, respectively. Note that the oscillation frequency of both ring oscillators are
lower than the designed values due to the layout parasitics capacitance. The block diagram of the proposed
chip is shown in Fig. 4.11. A 4-bit binary-to-thermometer decoder circuit is used to control the frequency-
tuning capacitor array. Both oscillators employ 4-stage buffer to drive the output off the chip. The chip micro
photograph was shown in Fig. 4.12. The test board was shown in Fig. 4.13. With all bits of the capacitor
tuning array shorted to ground, the maximum measured oscillation frequencies of the current-biased and the
self-biased ring oscillator at the nominal temperature of 37C were about 250-MHz and 213-MHz, respectively.
The measured fine frequency tuning characteristic of both ring oscillators were plotted in Fig. 4.14. Figures
4.15 show the measured phase noise of the self-biased and the current-bias ring oscillators at -104 dBc/Hz and
-103 dBc/Hz, respectively.

Figures 4.15(a) and (b) show the measured power spectrums of the current-biased and the self-biased ring
oscillators, which indicated the phase noise values at 1-MHz frequency offset of -104 dBc/Hz and -103 dBc/Hz,
respectively. Note that, in fig. 4.15(a), the modulated sidebands located at +/-7.5 MHz away from the carrier
frequency were caused by signal coupling from the output of the self-biased ring oscillator, which unfortunately
could not be turned off due to mistakes in the prototype implementation.

4.3 Summary

This chapter presented a study and an analysis of low noise CMOS ring oscillators. We have successfully
tied the design parameters for the optimization ring oscillators to the phase noise performance in such sys-
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Figure 4.12: CMOS ring oscillator using the current-starved with latch inverter delay cell for MIC bands
transmitter.

Figure 4.13: Test board.
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Figure 4.14: The measurement of the fine frequency tuning characteristic of the proposed ring oscillators.

tems. By illustrating the circuit designs that improve the phase noise characteristics of a single-ended ring
oscillators. The proposed single-ended ring oscillator incorporates the switching biasing technique into the
conventional current-starved topology, which results in a self-biased structure. The self-biased ring oscillator
was designed and simulated by using process parameters from a standard 0.35-µm CMOS technology. The
circuit is designed to operate with a 3.3-V power supply voltage and a nominal oscillation frequency of about
400 MHz at room temperature of 37 oC. Simulation results of the proposed ring oscillator achieved lower phase
noise comparing to the conventional current-starved ring oscillator. The proposed self-biased and conventional
current-starved ring oscillators were sent for fabrication. The performance of the prototype chip was measured.
However, due to poor layout and under-estimated parasitics, there are large discrepancies between simulation
and measurement results, in terms of oscillation frequency and phase noise.
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(a)

(b)

Figure 4.15: The measured of the phase noise of the proposed ring oscillators (a) the current-bias and (b) the
self-biased ring oscillators.



Chapter 5

Conclusion

This final chapter describes the conclusion drawn from the work carried out in this dissertation. The main
research contributions of this dissertation have been on the study, analysis and design of CMOS temperature-
compensated relaxation and low-noise ring oscillators, which were described in chapters 3 and 4, respectively.

In chapter 3, the analysis and design of a temperature-compensated high-frequency current-controlled relax-
ation oscillator was described. The structure of the proposed relaxation oscillator is based on the constant-
current relaxation oscillator. A source-degenerated transconductor and a current-mode comparator are used to
achieve high speed and low power dissipation. Temperature compensation is achieved by using suitable com-
posite resistors and temperature compensated current sources. Simulation results showed that the proposed
circuit could operate at 21-MHz oscillation frequency with an average TC of 20.59 ppm/oC over a temperature
range of −40oC to +120oC, while dissipating 201 μW from a single 2.5-V power supply voltage. Therefore the
proposed oscillator exhibits good frequency stability over a wide temperature range, which renders it viable as
a frequency reference for short-range low-cost wireless communication systems.

In chapter 4, the analysis and design of a low noise CMOS ring oscillator were described. The proposed
single-ended ring oscillator incorporates the switching biasing technique into the conventional current-starved
topology, which results in a self-biased structure. The self-biased ring oscillator was designed and simulated
by using Cadence Spectre with process parameters from a standard 0.35 um CMOS technology. The circuit
was designed to operate with a 3.3-V power supply voltage and a nominal oscillation frequency of about 400
MHz at room temperature of 37 oC. Simulation results also suggested that the proposed ring oscillator was
able to achieve lower phase noise comparing to the conventional current-starved ring oscillator, thanks to the
switching biasing technique. The proposed self-biased and conventional current-starved ring oscillators were
sent for fabrication. The performance of the prototype chip was measured. However, due to poor layout and
under-estimated parasitics, there are large discrepancies between simulation and measurement results, in terms
of oscillation frequency and phase noise.
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1 Introduction

Emerging short-range, low-cost, and low-power wireless communication systems,
such as wireless sensor and body area networks [1,10,11], have relaxed performance
requirements for radio transceivers. These systems have recently prompted research
anddevelopment of highly stable and accurate integratedoscillators as a replacement of
the reliable quartz crystal oscillators. For a reference frequency of less than 100MHz,
relaxation oscillators [3], ring oscillators [12], and the Wien bridge oscillators [4] can
be employed to achieve high frequency stability and low power dissipation.

Recently, there is a growing interest to develop low power CMOS relaxation oscil-
lators with high frequency stability [2,3,5–8,13,14,17]. The oscillation frequency
( fosc) practically varies with process parameters, power supply voltage, and temper-
ature. The frequency variations due to power supply voltage can be minimized by
using a voltage regulator [12], while the variations due to process parameters can be
compensated by trimming of resistors and capacitors. Thus, the temperature stabil-
ity of fosc is very critical during operation in order to minimize timing uncertainty.
The temperature stability of fosc of the relaxation oscillator is typically due to the
temperature dependence of RC time constant and the delay times of comparator and
flip-flops.

Temperature compensation of fosc can be achieved by employing either
temperature-stable biasing [3,5], offset cancelation structure [8], voltage-averaging
or error feedback loop [2,14], or feedforward period control scheme [13]. The off-
set cancelation structure, described in [8], can achieve ±0.25% frequency variations
at 18.5kHz over temperature range of −40 to +90 ◦C; however, it requires two
clock phases for operation, and thus, another timing circuit is needed. In [3], a 1.1-
MHz relaxation oscillator with ±0.5% variation over temperature range of −20 to
+80 ◦C is obtained by using temperature-compensated biasing. The relaxation oscil-
lator in [2] employs switched capacitor error feedback loop, and it achieves 12.6
MHz with ±0.82% variation over temperature range of 0 to +80 ◦C. In [14], the
voltage-averaging feedback is employed to realize a 14-MHz relaxation oscillator
with ±0.19% variation over temperature range of −40 to +125 ◦C.

In this work, we attempt to design a relaxation oscillator with oscillation frequency
above 20MHz and low power dissipation. A method of temperature-compensated
biasing is adopted to achieve very low frequency variation over a wide range of tem-
perature. This paper is organized as follows. Section 2 describes the circuit topology,
temperature compensation method, and the transistor implementation of the proposed
oscillator. Sections 3 and 4 describe the simulation results and conclusion, respectively.

2 Proposed Relaxation Oscillator

2.1 Circuit Topology

Figure 1a shows the simplified circuit diagram of the proposed current-controlled
relaxation oscillator. The proposed circuits consist of an integrating capacitor (C), a
charging current source (IC ), a reference current (IR), a resistive source-degenerated
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Fig. 1 a Simplified circuit diagram of the proposed relaxation oscillator and b its voltage waveforms

transconductor (formed by M1 and R), a discharging MOSFET switch (M2), and a
current-mode comparator. The transconductor is used to convert the capacitor voltage
(VC ) to a current (I1), which is compared with the constant reference current IR . The
resultant current (Ix = IR − I1) is applied to the current-mode comparator. The simple
source-degenerated transconductor, instead of a more complex circuit, is employed in
order to achieve high oscillation frequency and low power consumption. The operation
of the proposed oscillator can be explained as follows.

Assuming that the voltage across the capacitor (VC ) is initially zero and M2 is
OFF, the constant current IC will charge the integrating capacitor and then VC and
I1 increase. When I1 < IR (i.e., Ix > 0), the comparator output voltage (Vout) will
be LOW or 0V, then M2 is turned off, and VC and I1 continue to rise. When I1
exceeds IR or I1 > IR (i.e., Ix < 0), Vout is HIGH or VDD and M2 is turned on to
discharge VC to ground, and I1 is reset to 0. Next, VC is charged again and the above
process is repeated. Thus, the capacitor is charged and discharged periodically by IC
and M2, respectively. The voltage waveforms of VC and Vout are depicted in Fig. 1b

with the equivalent reference voltage VR = IR/GM , where GM =
(
R + g−1

m1

)−1
is

the transconductance of the transconductor. The period of oscillation (Tosc) is given
by (2), where tc is the charging time of IC , tp is the propagation delay time of the
comparator, and td is the discharging time of M2. Typically, a current comparator can
easily achieve the delay time (tp) in the order of a few nanoseconds [9,15]; thus, tp
can be neglected for Tosc larger than tens of nanoseconds. The discharging time (td ) is
proportional to

(
C + Cp

)
Ron, where Ron is the average on-resistance of M2 andCp is

the drain parasitic capacitance ofM2. Since Ron is inversely proportional to (W/L)2 and
Cp is proportional to (WL)2; thus, increasing (W/L)2 reduces Ron but increasing Cp.
Therefore, increasing (W/L)2 to reduce td will have a diminishing influence beyond
certain values and td will asymptotically reach a minimum value. In this work, the
integrating capacitor C is chosen to be much larger than Cp, and an optimal value of
(W/L)2 is selected to achieve td � tc.

Therefore, for oscillation frequencies in the range of tens ofMHz, it can be assumed
that tp and td are much less than tc and Tosc ≈ tc. Assuming that VR = IR/GM and
IR = mIC , Tosc can be easily derived as given by (3).
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GM = 1

R + 1
gm1

(1)

Tosc = tc + tp + td ≈ tc (2)

Tosc ≈ tc = C

GM
· IR
IC

= C

GM
· m (3)

2.2 Temperature Compensation Approach

The temperature dependence of a parameter can be characterized by the fractional
temperature coefficient (TC). The TC of Tosc (TC (Tosc)) can be calculated by (4)
and the result is given by (6), where αc = tc/Tosc, αp = tp/Tosc, αd = td/Tosc, and
TC (tc), TC

(
tp

)
, and TC (td) are the fractional temperature coefficients of tc, tp, and

td , respectively. Assume that αc ≈ 1, αp � 1, and αd � 1, thus TC (Tosc) ≈ TC (tc).

TC (Tosc) = 1

Tosc

∂Tosc
∂T

(4)

=
(

tc
Tosc

)
· 1

tc

∂tc
∂T

+
(

tp
Tosc

)
· 1

tp

∂tp
∂T

+
(

tc
Tosc

)
· 1

td

∂td
∂T

(5)

= αcTC (tc) + αpTC
(
tp

) + αdTC (td) (6)

For the proposed circuit in Fig. 1a, the TC ( fosc) can be derived from (3) as
given by (7). Typically, on-chip capacitors (e.g., metal–insulator–metal or polysilicon–
polysilicon capacitors) have very small TCs, compared with those of on-chip resistors
(e.g., see Table 1 TC

(
Cpoly1

) = +0.03 × 10−3/◦C ). Assume that TC (C) is negligi-
ble, thus TC ( fosc) ≈ TC (GM ). SinceGM is described by (1), the TC (GM ), and thus
TC ( fosc), can be derived as given by (10). Therefore, TC ( fosc) can be minimized by
canceling the two terms of TC (R) and TC (gm1) in (10).

TC ( fosc) = 1

fosc

∂ fosc
∂T

= 1

GM

∂GM

∂T
− 1

C

∂C

∂T
(7)

= TC (GM ) − TC (C) (8)

TC ( fosc) ≈ TC (GM ) = 1

GM

∂GM

∂T
(9)

Table 1 Fractional temperature
coefficients of on-chip resistors
and capacitor

Component Sheet resistance
(�/�)

First-order TC
(10−3/◦C)

R-poly1 8 0.9

R-poly2 50 0.59

R-nwell 1000 6.2

R-diffn 75 1.5

R-diffp 140 1.5

C-poly n/a 0.03
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Fig. 2 Effect of temperature variation on VC and fosc with TC (IC ) = TC (IR) = TC (R) = 0

= −
(

gm1R

1 + gm1R

)
TC (R) +

(
1

1 + gm1R

)
TC (gm1) (10)

In Fig. 1a, M1 will operate mostly in the saturation region as VC increases. Thus,
assuming the MOSFET’s square-law relationship, TC (gm1) can be derived as given
by (12). Since both TC (μn) and TC (VTH) are negative [16], TC (gm1) can be either
positive or negative depending on the value of VGS. Note that there is a specific value
of VGS which can give TC (gm1) = 0, and this is usually known as the zero temperature
coefficient (ZTC) point of MOSFET [16]. In this work, M1 is biased in the region
below the ZTC point, thus second term in (12) dominates, and gm1 increases with
temperature or TC (gm1) > 0. Therefore, from (10), a positive-TC resistor should be
used to compensate with TC (gm1) in order to achieve low TC ( fosc).

TC (gm1) = 1

gm1

∂gm1

∂T
= 1

μn

∂μn

∂T
−

(
VTH

VGS − VTH

)
1

VTH

∂VTH
∂T

(11)

= TC (μn) −
(

VTH
VGS − VTH

)
TC (VTH) (12)

Figure 2 shows the effect of temperature variations on VC , which were obtained by
using ideal IC and IR with zero TCs and ideal resistor R with TC (R) = 0. Accord-
ing to (10) and (12), gm1 and GM increase with temperature, thus the effective VR is
reduced (i.e., the peak voltage of the sawtooth waveform in Fig. 2 decreases as tem-
perature increases), and thus fosc is increased as temperature increases. Temperature
compensation of fosc can be achieved by either reducing IC (and IR) or increasing R
as temperature increases. The two approaches are demonstrated in Fig. 3.
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Fig. 3 Effect of temperature variations on VC and fosc with a TC (IC ) = TC (IR) = 0 &
TC (R) = +1.4 × 10−3/◦C and b TC (IC ) = TC (IR) = −2.5 × 10−3/◦C & TC (R) = 0

In Fig. 3a, TC (IC ) = 0 and TC (R) = +1.4 × 10−3/◦C, the charging rate of VC
(∂VC/∂T ) is unaffected by temperature variations and R is increased with temperature
to compensate for the increase of gm1. This keeps GM and the effective VR rela-
tively constant with temperature, and thus, fosc can be insensitive with temperature.
In Fig. 3b, TC (IC ) = TC (IR) = −2.5 × 10−3/◦C and TC (R) = 0, the charging
rate ∂VC/∂T (due to reduced IC ) and VR (due to reduced IR) are decreased proportion-
ally as temperature increases, and thus, fosc is insensitive with temperature. Figure 4
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shows the simulated frequency variations of fosc, over a temperature range of −40
to +120 ◦C, without compensation (in gray with TC (IC ) = TC (R) = 0) and with
ideal compensation (in green with TC (IC ) = 0&TC (R) = +1.4 × 10−3/◦C). The
average TC ( fosc) can be reduced from 783.33 ppm/◦C (without compensation) to
about 10.05 ppm/◦C (with optimum compensation). Therefore, the optimum com-
pensation can be achieved with either TC (IC ) = 0&TC (R) = +1.4 × 10−3/◦C or
TC (IC ) = −2.5 × 10−3/◦C and TC (R) = 0. However, in practice, either TC (IC ) =
0 or TC (R) = 0 cannot be obtained, and thus, a more practical design approach is to
choose a value of TC (R) and find the optimum value of TC (IC ) to achieve the best
temperature compensation.

Table 1 shows the fractional temperature coefficients of the on-chip resistors and
capacitors available in our 0.35-µmCMOS technology.Note that the TCof polysilicon
capacitor (C-poly) is very small (+0.03 × 10−3/◦C) and thus it is neglected. It can
be seen that the TCs of the diffusion resistors (Rdiffn or Rdiffp) are quite close to
the required TC; however, the resistance of diffusion resistors, especially at large
resistance, are practically voltage dependent and nonlinear. The TC of the diffusion
resistors varies substantially with its resistance and voltage; thus, they are not suitable
for our design. The polysilicon resistors (R-poly1 or R-poly2) are preferred because of
their excellent linearity, which make their TCs virtually independent with resistance
and voltage. However, the drawback of polysilicon resistors is small sheet resistance;
thus, relatively large silicon area is required. It may be argued that a composite resistor,
realized by combining polysilicon and n-well resistors (R-nwell) in series or parallel,
can be used to obtain the required TC and save the chip area. However, the required TC
is much closer to the TC of polysilicon resistor; thus, the suitable composite resistance
needs to use polysilicon resistancemuch larger than the n-well resistance. For example,
a 150-k� series composite resistance requires about 140-k� of R-poly1 and 10-k� of
R-nwell to obtain the desired TC (R) = +1.4 × 10−3/◦C. In this case, the area saving
of a composite resistor is insignificant, and thus, R is implemented with R-poly1.
Since the TC of R-poly1 is +0.9 × 10−3/◦C, the temperature compensation is not
optimum, and the achievable TC ( fosc) with TC (IC ) = 0 is about 282.05 ppm/◦C
over a temperature range of −40 to +120 ◦C, as depicted in Fig. 4 (in red). The
optimum temperature compensation of fosc can be achieved by using IC and IR with
an optimum negative TC, as demonstrated in Fig. 4 (in blue). In this design with R
realized by 150 -k� R-poly1, the optimum temperature compensation was obtained
with TC (IC ) = −0.9 × 10−3/◦C and the minimum achievable TC ( fosc) was about
23.19 ppm/◦C. Thus, the next design task is to design a bias current generator circuit
that can provide the optimum TC (IC ) = −0.9 × 10−3/◦C.

2.3 Complete Circuit Implementation

Figure 5 shows the complete schematic diagram of the proposed oscillator. The con-
ventional constant-gm bias current generator, realized by M10 − M15, RB1 and RB2,
is used to provide the currents IC and IR via M3 and M4, respectively. A high-speed
capacitive-input current comparator [9,15], realized by M6−M9, is adopted. Rail-to-
rail output voltage swing and short transition time are achieved by using an output
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Fig. 4 Simulated temperature variations of fosc
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Fig. 5 Complete schematic diagram of the proposed relaxation oscillator

CMOS inverters, Inv1 and Inv2. For ease of compensation design, the time delay (tp) of
the comparator is required to be small comparedwith the period of oscillation. Figure 6
shows the simulated tp as a function of power supply voltage (VDD), over a temperature
range of −40 to +120 ◦C. In our CMOS technology, the simulated tp is less than 2nS
and is almost insensitive to temperature variations when VDD is greater than 2V. For
accurate temperature compensation, the period of oscillation (Tosc) should be greater
than 10tp (i.e., 20 nS) and thus fosc should be limited to below 50MHz. Simulation
results with VDD = 2.5V showed that the fractional temperature coefficient of tp was
about −0.69 × 10−3/◦C.

To achieve the required TC (IC ) = −0.9 × 10−3/◦C for the optimum compensa-
tion, the bias resistor RB with TC = +3 × 10−3/◦C has to be employed. In this work,
RB is implemented by a series composite resistor, RB1 and RB2, which are realized
with R-poly1 and R-nwell, respectively. For a nominal IC of 20µA, RB = 7.65 k� is
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Fig. 6 Simulated delay time of the current comparator at different values of VDD and temperature

Fig. 7 Simulated temperature variations of IC generated by the constant-gm biasing circuit with RB1 and
RB2 realized by R-poly1 and R-nwell, respectively

required and it is realized with RB1 = 4.35 k� and RB2 = 3.3 k� in order to achieve
the requiredTC (IC ). Figure 7 shows the simulated IC , over a temperature range of−40
to +120 ◦C, obtained with the series composite resistor (in blue). It can be seen that
the achievable TC is very close to the required value of TC (IC ) = −0.9 × 10−3/◦C
(in red).

One drawback of the oscillator in Fig. 5 is that the output voltage has a very
small duty cycle; however, this can be overcome easily by replacing the discharging
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Fig. 8 Modification of the proposed relaxation oscillator for larger duty cycles

MOSFET switch with a constant discharging current source. The modified oscillator
is depicted in Fig. 8, where M2 now realizes a constant discharging current source
(ID) which is a replica of the reference current. The charging (IC ) and discharging
currents are turned on and off alternately by MOSFET switches, M16 and M17. The
duty cycle is simply determined by the ratio of IC/(IC+ID). Since both IC and ID are
replicas of the reference current, their temperature variations will be closely matched
and their effects to the oscillation time period and duty cycle will be canceled out.

3 Simulation Results

The proposed relaxation oscillator was designed and simulated by using Cadence
Spectre with process parameters from a standard 0.35 -µm CMOS technology. The
circuit was designed to operate with a 2.5-V power supply voltage and a nominal
oscillation frequency of about 20MHz at room temperature of 27 ◦C. The nominal
values of C , IC , and m were chosen to be 0.5pF, 20µA, and 4, respectively. The
resistors R, RB1, and RB2 were realized with 150-k� R-poly1, 4.35-k� R-poly1, and
3.3-k� R-nwell. Using the above parameters and biasing conditions, the oscillation
frequency of 21.14MHz was obtained with an average TC ( fosc) of 20.59 ppm/◦C
over a temperature range of −40 to +120 ◦C, as depicted in Fig. 9 (in blue). The fre-
quency variations of the proposed oscillator were also examined at other oscillation
frequencies by changing only the values of C to 0.25, 0.75, and 1.0pF, and thus, the
oscillation frequencywas changed to 34.26, 15.43, and 12.19MHz, respectively. Simu-
lations were performedwithout re-optimization, and the resultant frequency variations
are plotted in Fig. 9. The average TC ( fosc) of the three cases is less than 65 ppm◦C
over the temperature range of −40 to +120 ◦C.

Figure 10 shows the physical layout of the proposed oscillator with C = 0.5 pF,
and it occupies an active area of 0.016mm2. Post-layout simulation showed that the
average TC ( fosc) increased to 34.16 ppm/◦C, as shown in Fig. 9. The effects of
mismatch and process variations on the variations of fosc were evaluated by performing
Monte Carlo simulations. Figure 11a, b plots the simulated 100-sample histograms of
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Fig. 9 Simulated temperature variations of the oscillation frequencies

Fig. 10 Layout of the proposed oscillator

fosc at 21.14MHz under mismatch and process variations, respectively. The resultant
frequency deviations are 1.17% (0.247MHz) and21.4% (3.947MHz) undermismatch
and process variations, respectively. Thus, the oscillation frequency is very robust
under parameter mismatches.

The duty cycle of the output voltage of the circuit in Fig. 5 is about 5%.Themodified
oscillator in Fig. 8 was designed and simulated with IC = ID = 20µ A to achieve
a duty cycle of 50%. The circuit oscillates at 32.5MHz with an average TC ( fosc) of
28.4 ppm/◦C over a temperature range of −40 to +120 ◦C, as also depicted in Fig. 9.

Table 2 shows the performance summary and comparisonwith other high-frequency
relaxation oscillators. The figure of merit (FOM), defined by (13) [7], is used for a
fair comparison. The FOM takes into account of the oscillation frequency ( fosc),
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Fig. 11 Monte Carlo simulation results of fosc with a mismatch and b process variations

power dissipation (Pdiss), TC ( fosc), and active area. Using the TC ( fosc) obtained
from post-layout simulation, the calculated FOM of the proposed oscillator is 186.

FOM = 10 log

(
f 2osc

Pdiss · Area · TC ( fosc)

)
(13)

In principle, the proposed temperature-compensated oscillator can be realized using
a state-of-the-art ultra deep submicron CMOS process because temperature coeffi-
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Table 2 Performance summary and comparison

Parameters This works [7]m [3]m [2]m [14]m

Process (nm) 350 130 180 65 180

Supply (V) 2.5 1.0 1.8 1.2 1.8

Frequency (MHz) 21 1.24 1.1 12.6 14

Power (µW) 201 5.8 0.859 98.4 45

Temperature (◦C) −40 to 120 −40 to 80 −20 to 80 0–80 −40 to 125

TC (ppm/◦C) 34.16 −296 64.3 205 23.03

Area (mm2) 0.016 0.016 0.075 0.01 0.04

FOM (dB) 186 167.5 174.7 178.9 186.7

s = post-layout simulation, m = measurement

cients of resistors and capacitors are not drastically different over process nodes.
In practice, the circuit will generally face two main design issues including smaller
power supply voltage and larger transistor mismatch. Smaller power supply voltages
will increase the propagation delay time of the current-mode comparator and its con-
tribution to the oscillation time period; however, this effect can be counterbalanced
by using minimum-length transistors. More importantly, the current generator circuit
will suffer from reduced headroom voltage under small supply voltages. Transistors
employed for the current generator and current mirrors should have large channel
width and length to reduce mismatch and variation.

4 Conclusion

A temperature-compensated high-frequency current-controlled relaxation oscillator
has been described. Source-degenerated transconductor and current-mode comparator
are used to achieve high speed and low power dissipation. Temperature compensa-
tion is achieved by using suitable composite resistors and temperature-compensated
current sources. Post-layout simulation results showed that the proposed circuit could
operate at 21-MHz oscillation frequency with an average TC of 34.16 ppm/◦C over a
temperature range of −40 to +120 ◦C, while dissipating 201µW from a single 2.5-V
power supply voltage. Therefore, the proposed oscillator exhibits good frequency sta-
bility over a wide temperature range, which renders it viable as a frequency reference
for short-range low-cost wireless communication systems.
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Abstract—This paper describes the design of a low phase noise 

CMOS ring oscillator using a new self-biased inverter delay cell. 

The proposed differential ring oscillator was designed for the 

Medical Implant Communications Service (MICS) frequency 

band. Using 0.35-m CMOS process parameters and a 3.3-V 

power supply voltage, the simulation results showed that the 

proposed ring oscillator achieved a phase noise of -113.62 dBc/Hz 

at 1-MHz offset frequency while dissipating 4.4 mW. 

I. INTRODUCTION 

Low phase noise oscillator is an important circuit for 
wireless communication system. For stringent phase noise 
requirement, the LC oscillator is usually the preferred choice 
over the ring oscillator. However, in several applications 
including the Medical Implant Communications Service 
(MICS) system, the phase noise requirement is much relaxed 
and therefore it is practically possible to use a ring oscillator 
[1]. This paper describes the design and simulation of a low 
phase noise CMOS differential ring oscillator for a MICS 
wireless transceiver. A new self-biased inverter delay cell is 
proposed to reduce the phase noise of the oscillator. Section II 
describes the circuit design and realization of the proposed 
oscillator. Sections III and IV describe the simulation results 
and conclusion, respectively. 

II. CIRCUIT DESIGN AND IMPLEMENTATION

Fig.1 shows the schematic circuit diagram of the proposed 
differential ring oscillator. It consists of three identical 
differential inverter delay stages. Each stage is implemented 
with two CMOS inverters, inv1 and inv2. A pair of cross-
coupled inverters, inv3 and inv4, is used to achieve fast and 
full output voltage switching of the delay cell, which reduces 
the phase noise of the oscillator [2]. The CMOS inverters, inv1 
and inv2, are realized by using the current-starved topology. 
Nodes Sp and Sn, which are the source terminals of PMOS 
and NMOS of the inverters, respectively, are connected to the 
biasing MOSFETs (M1-M6). The gates of the biasing 
MOSFETs are connected to the output nodes of the inverters 
rather than a DC bias voltage as in the case of normal current-
starved delay cell. Therefore the delay cell is self-biased. 
Since the gates of M1-M6 are connected to the output nodes of 
the inverters, they are turned ON and OFF alternately and 
provide switching bias current to the inverters. Switching of 

biasing current can reduce the phase noise due to up-converted 
1/f noise [3]. 

Fig. 1 The proposed self-biased differential ring oscillator. 

Since the delay cell is self-biased, the frequency of 

oscillation can be tuned and controlled by changing the 

inverters’ load capacitance. This is achieved by using a 

switched capacitor array. The oscillation frequency of a ring 

oscillator is inversely proportional to the load capacitance. 

Increasing the capacitance reduces the oscillation frequency. 

In this work, the digitally-controlled switched capacitor tuning 

array in Fig. 1 is used to achieve fine frequency tuning. A 4-bit 

digital control word is used to switch the capacitor array, thus 

there are 15 MOSFET switches. The capacitors C1 and C2 are 

10 fF and 200 fF, respectively. The capacitors C3-C17 are 

equal to 30 fF. The change in capacitance when the nth 

MOSFET switch is turned ON is given by (1). 

        (1) 
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III. SIMULATION RESULTS

The proposed ring oscillator was designed and simulated by 

using Spectre with process parameters from a 0.35-m CMOS 

technology. The circuit was designed to operate with a 3.3-V 

power supply voltage. The nominal oscillator frequency was 

designed to be about 408 MHz. To validate the phase noise 

reduction of the proposed self-biased ring oscillator (SBRO), a 

conventional fixed bias current-starved 3-stage ring oscillator 

(CBRO) was also designed and simulated to achieve a 

comparison. Both oscillators were designed with similar 

oscillation frequency and current consumption. 

Fig. 2 plots the simulated phase noise of both ring 

oscillators. It can be seen that the phase noise of the proposed 

ring oscillator is about 20 dB lower than the conventional 

fixed bias current-starved ring oscillator. This validates the 

advantage of using the proposed self-biased inverter delay 

cell. Fig. 3 plots the fine frequency tuning characteristic of the 

proposed ring oscillator.   

Fig. 2 Simulated phase noise of the proposed ring oscillator vs. 

the conventional current-starved ring oscillator. 

Fig. 3 Fine frequency tuning characteristic of the proposed 

ring oscillator. 

Table I summarizes and compares the simulated 

performance of the proposed oscillator. The conventional 

figure-of-merit (FOM) in (2) is used for comparison, where L 

is the phase noise (dBc/Hz), Δf is the offset frequency, f is the 

oscillation frequency, and PDC is the power dissipation. The 

proposed ring oscillator can achieve a FOM of -160.7. 

(2) 

IV. CONCLUSION 

This paper describes the design of a low phase noise CMOS 

differential ring oscillator in a 0.35-m CMOS technology. A 

new self-biased inverter delay cell is proposed to realize the 

ring oscillator. The self-biased inverter achieves switched 

current biasing which reduces the phase noise of the oscillator. 

Simulation results showed a 20-dB phase noise reduction 

when compared with the fixed biased oscillator. 

TABLE I.  PERFORMANCE SUMMARY. 

Metrics Proposed CBRO [4] 

Technology (m) 0.35 0.35 0.28 

Vdd (V) 3.3 3.3 2.5 

PN@1MHz  (dBc/Hz) -113.62 -96.48 -96 

fosc (MHz) 409 405.5 2450 

Pdiss (mW) 4.44 3.11 19.2 

FOM -159.3 -143.7 -150.95 
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Abstract— This paper describes the design and implementation of 

a low-power wide dynamic range radio-frequency (RF) power 

detector in a standard 0.18-µµµµm CMOS process. The proposed 

circuit includes a root-mean-square (RMS) power detector and a 

logarithmic amplifier. The RMS power detector exploits the non-

linear characteristic of MOSFET to realize the RMS conversion. A 

current-mirror active load is used in the RMS power detector to 

increase the RMS conversion gain. Since the output of the RMS 

power detector is a DC voltage, the following logarithmic amplifier 

does not require wide operating bandwidth, thus allowing simple 

circuit realization with minimum power dissipation. Simple 

differential amplifier is used to realize the limiting gain stage. 

Post-layout simulation results showed that the proposed circuit 

was able to detect input power from -70 dBm to -20 dBm with 

signal frequencies ranging from 0.5 GHz to 5 GHz, while 

dissipating only 0.9 mW under a 1.8-V power supply voltage. 

Keywords- Low-power, RF power detector, Limiting amplifier, 

Logarithmic amplifier, RMS power detector 

I. INTRODUCTION 

Power detection of radio frequency (RF) signals is required 

in many applications, ranging from wireless communication 

systems [1], [2] to integrated circuits test and measurement 

[3], [4]. In wireless communication systems, RF power 

detector is usually employed in a control loop in order to 

optimize power consumption, improve linearity of the power 

amplifier, or the control the gain of the transmitting and 

receiving chain.  

The power level of a RF signal can be computed by using 

either the peak or root-mean-square (RMS) values. Peak 

detection is suitable for constant-envelope or low peak-to-

average ratio modulated signals, however RMS detection is 

preferred for high peak-to-average ratio modulated signals 

due to better accuracy. Detection of the RMS value of a 

signal can be obtained by employing one of the following 

approaches: thermoelectric devices [5], the non-linear 

characteristics of diode [6] or bipolar junction transistor 

(BJT) [7] or metal-oxide-semiconductor field-effect transistor 

(MOSFET) [1], [8], [9], or current-mode computational 

circuits [3], [10], [11]. 

Current-mode computational circuits, including squarer, 

divider and filter, can be used to realize a RMS detector. 

These current-mode circuits can be realized by using 

transconductors [3], [10] or translinear circuits [11]. Power 

detectors based on the translinear principle exploit the 

exponential characteristic of BJT or subthreshold MOSFET 

to realize the mathematical functions required for RMS 

conversion [11]. Translinear-based power detector for RF 

signals has been demonstrated in [11], however the 

achievable bandwidth is relatively limited with respect to the 

other approaches.  

In this paper, the RMS power detector in [1] is modified and 

improved further to increase the conversion gain and dynamic 

range. The conversion gain is enlarged by increasing the output 

resistance of the RMS power detector. The dynamic range is 

increased by using a successive-approximation logarithmic 

amplifier. The RF power detector is targeted to be employed in a 

microwave-based fruit maturity detection system [13], which 

exploits the reflection of microwave signal to determine the 

permittivity of the fruit-under-test and relates it to the maturity 

of the fruit. The system is intended to be deployed a wireless 

sensor network for fruit farming and the device must be able to 

operate for months without battery replacement, therefore 

requiring low power consumption. The RF signal power 

reflected from the fruit is usually small and in the order of the  -

50 dBm to -60 dBm, therefore requiring high sensitivity and 

wide dynamic range of the power detector. The proposed RF 

power detector is designed and simulated by using process 

parameters from a standard 0.18-�m CMOS technology. The 

paper is organized as follows. Section II describes the 

architecture of the proposed RF power detector. Detailed circuit 

designs are described in Section III. Simulation results and 

conclusion are given in Sections IV and V, respectively. 

II. ARCHITECTURE OF THE PROPOSED RF POWER DETECTOR 

Fig. 1 shows the architecture of the proposed RF power 
detector. It consists of a RMS power detector and a logarithmic 
amplifier. The input RF voltage signal is converted to a DC 
output voltage, which represents the RMS value of the input 
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signal power, by exploiting the non- linearity of MOSFETs [1]. 
To achieve a linear-in-dB input-output characteristic, the DC 
output voltage is further amplified by a successive-approximation 
logarithmic amplifier, which is realized by cascading seven 
current limiting amplifiers. The cascaded limiting amplifiers 
produce a linear-in-dB output characteristic by using a piecewise 
linear approximation. All limiting amplifier stages are identical 
except for the first stage, which includes an extra input pair for 
DC offset cancellation. Each limiting amplifier produces both 
differential output voltage and current. The output voltage is 
passed to the following amplifying stage. The output currents of 
all limiting stages are summed and applied to a load resistor to 
produce the output voltage of the power detector. Since the input 
signal of the logarithmic amplifier is a DC voltage, the envelope 
detector or rectifier is not needed. This saves chip area and power 
dissipation. The resistor RF and capacitor CF realize a lowpass 
filter to perform DC offset cancellation feedback. The resistor RF 
is realized by using a subthreshold MOSFET in order to obtain 
large resistance with minimum die area. The dynamic range and 
linearity error of the RF power detector are determined by the 
number of cascading limiting amplifier stages. Increasing the 
number of amplifying stages will improve the sensitivity and 
dynamic range of the detector, at the expense of increased power 
dissipation. In this paper, using seven stages of amplifiers was 
found to be an optimum solution, in terms of power dissipation, 
dynamic range and sensitivity of the power detector. 

III. CIRCUIT DESCRIPTION AND ANALYSIS 

A. RMS Power Detector 

Fig. 2 shows the RMS power detector realized by exploiting 
the square-law characteristic of MOSFET operating in the 
saturation region. The circuit is a modified version of the recently 
proposed RF power detector [1], in order to achieve higher 
conversion gain and sensitivity. The input RF signal is applied to 
transistor M1, via an AC-coupling capacitor CC. The transistors 
M1 and M2 are identical and operate in the saturation region with 
identical gate bias voltages. Transistor M2 is used to reduce offset 
errors due to process, temperature and supply voltage variations. 
Thus the drain currents of M1 and M2 can be expressed as in (1) 

and (2), where βi = µnCox(W/L)i is the MOSFET 

transconductance parameter, µn is the electron mobility, Cox is the 
gate oxide capacitance per unit area, VT is the threshold voltage, 
W and L are the channel width and length of transistors, 
respectively. 
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Assuming that VRF = Vi cos(ωt), the output voltages V1 and V2 

are given by (3) and (4), respectively. The small-signal output 
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The capacitors C1 and C2 form lowpass filters to filter out the 

RF signal and its harmonics. Since the circuit is fully-

symmetrical, the DC voltage at V2 (V2,DC) is equal to the filtered 

voltage at V1. Therefore the differential output voltage can be 

written as in (5), which is proportional to the square of the 

amplitude of the input RF signal. 
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Figure 1.  Architecture of the proposed RF power detector. 

The simulated input-output characteristic of the proposed 

RMS power detector is demonstrated in Fig. 3, where the 

differential output voltage is plotted against the input signal 

power at 5 GHz. For comparison, the circuit in [1] was designed 

and simulated under the same circuit parameters and operating 

conditions and the results were plotted in Fig. 3. It can be seen 

that the proposed RMS power detector can achieve higher 

conversion gain due to larger output resistance. This improves 

the sensitivity of the power detector and eases the design of the 

following logarithmic amplifier. Furthermore, the proposed 

circuit has better linearity and wider input detectable range (i.e. -

60 dBm to -10 dBm). Note that, the circuit can still detect the 

input signal power with the presence of offset errors and short-

channel effects of MOSFETs, as explained in [1].  

B. Logarithmic Amplifier 

The output voltage of the RMS power detector is passed to the 

following 7-stage logarithmic amplifier as shown in Fig. 1. The 

logarithmic amplifier is realized with the limiting amplifier stage 

shown in Fig. 4. The limiting amplifier is realized by the simple 

source-coupled differential amplifier with current-mirror active 

loads (drawn in black). All amplifier stages are identical, except 

for the first stage which include an additional input source-

coupled pair (drawn in grey) for DC offset cancellation feedback 

loop. Each amplifier provides both differential output voltage 

and current. The differential output voltage is passed to the input 

of the following amplifier stage. Since the input voltages of the 

limiting amplifiers are DC signals, the differential output 

currents of all amplifier stages, which exhibit the limiting 

current characteristic, can be summed at the output load resistors 

to produce the output voltage of the power detector. This saves 

the need for rectifiers and filters, which would normally be 

required in logarithmic amplifier. Furthermore, as the bandwidth 

of the amplifier can be very low, the amplifier can be optimized 

for the required input sensitivity and dynamic range with 

minimum power dissipation. The small-signal differential 

voltage gain of each amplifier stage is given by (6), where gmi is 
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the small-signal transconductance of transistor Mi. Finally, the 

bias currents of the amplifiers are generated by a process, 

voltage and temperature insensitive current reference circuit 

[14], shown in Fig. 5. 
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IV. SIMULATION RESULTS 

The proposed RF power detector was designed and simulated 

by using Cadence Spectre with process parameters from a 

standard 0.18-µm CMOS technology. The circuit was designed 

to operate with a single 1.8-V power supply voltage and the total 

power dissipation is 0.9 mW. For the circuit in Fig. 2, the 

filtering capacitors (C1 and C2) are 100 fF, the AC-coupling 

capacitor (CC) is 1 pF and the gate biasing resistor (RG) is 1 kΩ.  

Fig. 6 plots the differential output voltage (V1-V2) of the RF-

to-DC converter in Fig. 2 against the input RF signal power at 

different input frequencies. The output voltage of 10 µV (-50 

dBV) is generated with the input signal power of -65 dBm. The 

maximum output voltage of around 1 V (0 dBV) is generated 

when the input power is about -10 dBm. Therefore the input 

dynamic range is about -65 dBm to -10 dBm. Simulation results 

suggest that the circuit is able to detect the input power for 

frequencies up to 5 GHz. The authors are admittedly hesitant 

about the validity of the simulation results at very high input 

frequencies. However it is expected that the circuit should be 

able to operate at a few tens of GHz frequencies, as 

demonstrated in [1]. Fig. 7 shows the simulated transient output 

voltage of the power detector when applying different input 

powers of 2.5-GHz signal. The input signal power was swept 

from -80 to 0 dBm. The output voltage is plotted against the 

input signal power in Fig. 8. The output voltage range is roughly 

0.4 V to 1.2 V and the input detectable range is approximately -

70 dBm to -20 dBm. To verify the operation of the DC offset 

cancellation feedback, a DC input offset voltage source was 

added to the input of the first amplifier stage. A 2.5-GHz input 

RF voltage was applied to the power detector and the offset 

voltage was varied from 0 to 100 mV. The simulated transient 

output voltage were obtained and plotted in Figs. 9(a)-(b). It can 

be seen from Fig. 9(a) that the offset voltage only changes the 

output voltage level slightly and the circuit can still function 

correctly. Fig. 9(b) plots the output voltage variation as a 

function of the offset voltage when the input power is -50 dBm. 

The performance of the proposed RF power detector is 

summarized and compared with those of other reported detectors 

in Table II. It can be seen that the proposed circuit exhibits wide 

operating frequency, the largest input power detectable range 

and the best input sensitivity, with reasonably low power 

consumption. The proposed circuit has been sent for prototype 

chip fabrication. 

V. CONCLUSION 

A low-power wide dynamic range RF power detector has been 

described in this paper. The proposed circuit comprises a 

wideband RMS power detector and a successive logarithmic 

amplifier. The RMS power detector exploits the non-linear 

characteristic of MOSFET operating in the saturation region 

with an active load to achieve high RMS conversion gain with 

minimum power dissipation. The design of the logarithmic 

amplifier was simplified because wide operating bandwidth and 

the rectifier/filter circuit are not needed. Post-layout simulation 

results, in a 0.18-µm CMOS process, verified that the circuit 

was able to detect input power from -70 dBm to -20 dBm with 

signal frequencies ranging from 0.5 GHz to 5 GHz, while 

dissipating only 0.9 mW. Therefore the authors believe that the 

proposed RF power detector is suitable for wireless sensor 

network and telemetry applications. 

 

Figure 2.  The proposed RMS power detector. 

 

Figure 3.  Output characteristic of the proposed RMS power detector with a 5-

GHz input signal. 

 

 

Figure 4.  Limiting amplifier stage. 

 

Figure 5.  Process, voltage, temperature insensitive current reference. 
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Figure 6.  Output characteristic of the RF-to-DC converter at different input 

frequencies. 

 

Figure 7.  Transient output voltage of the power detector when applying 

different input signal power at 2.5 GHz.  

 

Figure 8.  Input-output characteristic of the RF power detector.  

Table I.  Performance Summary and Comparison 

Parameters This 

work 

[1] [2] [3] 

CMOS Technology 0.18µm  0.13µm  0.18µm  0.35µm  

Area (mm2) 0.0078 0.0126 0.36 0.031 

Conversion gain 

(mV/dB) 

17  6 6 50 

Dynamic range (dB) 50 20 20 30 

Min. detectable 

signal (dBm) 

-70 -35 -40 -25 

Operating frequency 

range (GHz) 

0.5 - 5 0.125-

8.5 

3.1-

10.6 

0.9-2.4 

Supply voltage (V) 1.8 1.2 1.8 3.3 

Power dissipation 

(mW)  

0.9 0.18 10.8 8.6 

 

(a) 

 

(b) 

Figure 9.  Effect of the input offset voltage. 
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Centre for
Bio-Inspired Technology
Annual Report 2012



www.imperial.ac.uk/bioinspiredtechnology 29

Chip gallery

IBE12J01 (KIMI) – October 2012

	Technology:	 Austriamicrosystems 
0.35μm 2P4M CMOS

	 Purpose:	 ISFET sensing array, multi-channel glucose sensor 
instrumentation and oscillator

	 Designers:	 Yuanqi Hu, Siraporn Sakphrom, Mohamed 
El‑Sharkawy, Yan Liu, Pantelis Georgiou

IBE12H01 (NGNI) – August 2012

	Technology:	 Austriamicrosystems  
0.18μm 1P4M HV CMOS

	 Purpose:	 Neural interface circuits and electro-optical modulator 
test structures

	 Designers:	 Yan Liu, Song Luan, Alexander Serb, Lieuwe Leene, 
Timothy Constandinou

IBE12D01 (Ian) – April 2012

	Technology:	 Austriamicrosystems	  
0.18μm 1P4M HV CMOS

	 Purpose:	 Neural interface circuits

	 Designers:	 Ian Williams, Sivylla Paraskevopoulou, Yan Liu, 
Timothy Constandinou

The Centre’s focus is primarily the 
application of modern semiconductor 
technology to develop new bio-inspired 
systems and medical devices. This has 
in part been made possible through the 
EU-subsidised multi-project wafer 
(MPW) brokerage service provided by 
Europractice which provides our design 
tools via STFC (UK) and technology 
access via IMEC (Belgium) and Franhofer 
(Germany). Over the past seven years, 
we have fabricated a total of 26 
integrated circuit designs in a variety  
of CMOS technologies.

The ‘Chip Gallery’ is also available 
online at: www3.imperial.ac.uk/
bioinspiredtechnology/research/chips
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