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ABSTRACT

The thesis is concerned with the design and realization of low power
programmable dth—order, Gm-C filter and 6-bit, two-step successive approximation
logarithmic ADC, which can be used as the key building blocks of an analog front-end
of implantable medical devices.

in the filter design, the core 2" order filter stage is realized by adding a
coupling capacitor to a simple cascode gyrator-C active inductor structure. A single
MOSFET is used as the transconductor element for the implementation of the active
inductor. Low-power and low-frequency filter is achieved by biasing the transistors in
the weak inversion region. The capacitive input attenuation technique is used to
enhance the linearity of the filter. The proposed filter was designed and simulated
with a 1-V power supply voltage with process parameters from a standard 0.18 um
CMOS technology. The post-layout simulation results show that the centre frequency
of the filter can be tuned from 80 Hz to 6.18 kHz by programming the bias currents
of the filter through a 3-bit digital-to-analog converter. At a centre frequency of 945
Hz and the quality factor of 3, the proposed filter achieves 174.2 LV input-referred
noise, while consumes only 6 nW from a 1-V single power supply voltage. The filter
exhibits a dynamic range of 57.6 dB with robust performance against process and
voltage variations. The area of the overall circuit including the core 2" order
bandpass filters with voltage buffer and bias current generator is 0.08 mm”. The fitter
is suitable for biomedical applications that require low-frequency, wide-tuning range

as well as ultra-low power and low-voltage operation.



In the ADC design, a two-step operation is proposed to obtain a piecewise-
linear approximation of the desired logarithmic transfer function. The logarithmic ADC
offers attractive solutions for neural recording and closed-loop deep brain
stimulation as both applications require a wide dynamic range. It can directly convert
and compress input signals with logarithmic encoding. In the two-step ADC operation,
the first conversion step performs a 3-bit logarithmic coarse cornversion while the
second conversion step carries out a 3-bit linear fine conversion. The proposed ADC
was designed and simulated by using process parameters from a standard 0.35 pm
CMOS technology with a single 1.8 V power supply voltage. The post-layout
simulation results show that the proposed ADC consumes 4.36 uW to 14.6 pW at a
sampling rate of 25 kS/s. The ADC achieves 18.6 pJ/conversion-step, maximum DNL
and INL in the range of +0.26/-0.32 LSB and +0.19/-0.45 LSB, respectively, an ENOB of
4.97-bits, and SNDR of 31.7 dB with 1 V full-scale input range.
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Chapter 1

Introduction

1.1 Motivation and Background

The public health service is one of the strategies of the national economic and
social development plan of Thailand. Although this effort leads to 99.4 percent of
Thai people being covered by the health security system, the service should be
improved through better quality and coverage. The estimation and projection of
population predict that many countries have changed to an ageing society and
Thailand also will be an ageing society by 2025 [1]. The demographic structure has
changed as the segment of older population increases while the segment of younger
and worker decrease. The older segment of the population requires and utilizes an
average of 3-5 times more healthcare services than younger and worker people. The
result has several direct effects in terms of lacking financial support, the health
professional shortage, and insufficient medical supplies and equipment in the future.
A limited number of health professionals will be a high incidence of medical error
and strained patient-doctor relations. This emerging issue has excitingly prompted my
interest in research innovations in healthcare devices.

Innovations in healthcare technology particularly through the use of life-impact
biomedical devices and systems are turning the passive health services to be the
efficient proactive self-healthcare taker. In the future, not only the patient but
possibly everyone in everyday life will be closely monitored their vital signs and
communicate with their service providers as a part of preventive healthcare.
Eventually, the service will be shifted from a hospital-centered treatment to a
patient-centric healthcare monitoring. The key to achieve that is the implantable and
wearable biomedical devices which require the advances in both integrated circuit
technology and innovative circuit design.

Nowadays, implantable and wearable medicat devices are being used in many
parts of the body to replace or act as a fraction or the whole biological structure,
such as a pacemaker, cochlear implant or bionic ear, retinal prosthesis and deep
brain stimulation (DBS). These devices help patient’s condition lives and allow them

to be more independent. For instance, a pacemaker, commercially available



implantable devices, is designed to monitor a patient's electrocardiography (ECG)
signal continuously. The electrical stimulation is delivered through electrodes via a
stimulation circuit when a missing heartbeat is detected [2].

In the foreseeable future, the developing CMOS-based DNA detection will be
capable of biological readout information from the cell which will be useful for
identifying bacteria and preventing an outbreak. Neurostimulation of the deep brain
and other regions of the brain are being researched for treatment of many
neurological disorders. Wireless body area network (WBAN) is intended for the future
generation of short-range communication electronic devices for in-, on- and around
the body, including a network of biomedical sensors for healthcare monitoring. For
example, wireless ECG and Electroencephalogram (EEG), closely monitoring and
processing our vital signs, are essential parts of telemedicine providing clinical

healthcare at a distance and in many cases save lives in emergency situations.

The success and availability of these devices not only resclve the problems of
a growing of medical errors, inadequate staffing and lack of coverage but also reduce
long-term costs, and improve the quality of life. It also helps scientists and
researchers to get valuable information about what is happening inside of a living

body.

1.2 Examples of implantable medical devices

1.2.1 Cochlear implant

It is well-known that cochlear implant is the world’s most successful medical
prostheses. Today’s estimated shows that more than 330,000 profoundly deaf
people in the world are fitted with this device in their inner ear or cochlea. It allows
them to hear almost normally [3]. The cochlear implant can restore hearing by
directly stimulating the auditory nerve that conducts electrical impulses from the ear
to the brain. The mechanical topology of a cochlear implant at the moment is
depicted in Figure 1.1. It is a partially implanted system [4] as the electrodes, and a
wireless receiver is implanted inside the body while a microphone, sound processor,
and wireless transmitter are placed outside the body. The major challenge of the
cochlear implant is to design the sound processor located behind-the-ear (BTE) into
fully implanted inside the body and powered by an implantable battery or an energy

harvester.



The operation of the cochlear implant starting from a microphone transforms
sound into electrical signals, which is amplified by a low-noise preamplifier. The
signal is further processed by 8-20 channels of signal processors, which transform the
sound frequency patterns into the corresponding electrode stimulation patterns. The
programmable bandpass filters separate the signals based on its different frequency
to the envelope detector. The envelope of the filtered signals is used to control the
amplitude of the stimulating biphasic pulses. Since the dynamic range of electrical
current pulses in a cochlear implant is 3-20 dB, a nonlinear compression function
{e.g., logarithmic analog to digitat converter; logarithmic ADC) is used to ensure that
the envelope output is suitable for the dynamic range of electrically generated
hearing [5, 6]. Finally, the signals and power are transmitted through the skin via the
telemetry system to the implanted receiver-stimulator. This stimulator generates the
electrical currents to stimulate the electrodes in the cochlear. In typical, the number

of implanted electrodes used for stimulation is 8 to 20.

Transmission

system

Microphone ang & Cochlear

sound processor
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Figure 1.1 The mechanical topology of a cochlear implant [4]

1.2.2 Neural recording and deep brain stimulation

A human brain is an extremely complex structure. It contains an estimated 85
billion neurons, 100 trillion synapses, and 100 chemical neurotransmitters [7]. Neural
recording systems and DBS are being built to understand how the brain functions
and used for diagnosis and treatment. It is available for patients who suffer from
brain-related diseases like Parkinson’s Disease, Tremor, Dystonia and other motor

disorders [8].



DBS delivers controlled electric pulses to excite specific region in their brain,
which is most commonly the Subthalamic Nucleus (STN) through extension
microwires and electrodes. These pulses will block the abnormal nerve signals that
cause movement or affective disorders [9, 10]. A neurostimulation is a very effective
neurosurgical procedure for the patients whose condition cannot be controlled with
medications. Multichannel DBS distributed of neural signals is required as the most
effective in alleviating Parkinson’s disease locations are still trying to discover. The
multichannel neural recording also demands to unlock the neural activities from a
large number of neurons. Therefore the number of recording channels and
stimulating sites are targeted hundreds to thousands.

Existing stimulation is based on continuous open-loop stimulation [8]. The
clinician will program patent’s neurostimulator to reduce symptoms while minimizing
any side effects. A unigue set of signal amplitudes, pulse widths and frequency that
are the most effective for treatment each patient is employed. Follow-up
appointments will be scheduled to maximize the benefits of the treatment. It may
take several visits to adjust the stimulation before the right settings are determined.
Open-loop stimulation loses its efficacy over time due to plasticity and other
changes in the brain, requiring periodic recalibration of stimulation parameters.
Hence, the major challenge of open-loop stimulation aims to perform closed-loop
stimulation [11-14]. Stimulation parameters are adapted in real time using recorded
neural signals as feedback signals track the dynamics of the brain. Thus, the system
maintains the therapeutic effects over time. Figure 1.2 shows a conceptual diagram
of neural recording and closed-loop DBS [13].

The neural signal of interest is composed of low-frequency local field potential
(LFP) signal and high-frequency Action Potential (AP) or spike signal. The LFP signal
represents a spatial average of neural activity in the neighborhood of the electrode
and its amplitudes up to 5 mV and frequencies in the range from 1 Hz to 100 Hz.
The spike signals, associated with the extracellular electrical activity of a single
neuron unit, have amplitudes up to 500 WV with frequencies from 100 Hz to 7 kHz

[15, 16]
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Figure 1.2 Conceptual diagram of neural recording and close loop DBS [13]

1.2.3 Analog front-end circuit for implantable medical devices

Despite there have been different functionalities of implantable medical
devices, the electronic systems of these devices have much in common. Figure 1.3
shows a general block diagram of a typical implantable medical device including an
energy source, data telemetry, a sensing block/monitoring, signal processing for
algorithm and system control, and a therapeutic stimulation. The development of
fully integrated cochlear implant, neural recording and DBS are among examples of
implanted medical devices that are still in the research and development stage. For
implementation, the trade-offs between performance, power consumption, device
size, compatibility and robustness need to be carefully taken into account. The
analog front-end block is one of the most critical specifications as an accurate
information relies on the quality and accuracy of pre-possessing biopotential signals.
A number of researchers have sought to determine several types of the analog front-
end circuit. There are many challenging issues still needed to be addressed at both
circuits and system levels. The ultra-low power dissipation is mainly focussed which
the system can ideally function more than 10 years without the need for a battery
replacement. Moreover, the heat generated from the circuit must be minimal to
ensure that there is no damage to the surrounding tissues.

The typical architecture of the analog front-end interfacing circuit consists of
three fundamental blocks: (1) a low-noise amplifier, (2) bandpass filter, and (3) analog
to digital converter as shown in Figure 1.4. A low-noise, wide dynamic range analog
front-end circuit is required due to the low-level amplitude of the biopotential
signals in the order of microvolts. The amplifier is used to amplify the weak signals

before filtering and the data conversion. Typically, a low-noise, tow-power and mid-



band gain of 40 dB to 60 dB amplifier is expected. Since the biopotential signals are
very small, the input-referred noise has to be minimized. The input-referred noise of
the front-end amplifier consists of a thermal noise component and a flicker noise
component. In general, the thermal noise and flicker noise can be reduced by
choosing a large transconductance and large size input transistor, respectively. The
chopper-stabilized is another technique to reduce the flicker noise in the input
referred noise as chopping mitigates the low-frequency flicker noise of the amplifier
[17-19].

Following pre-amplification, a bandpass filter is required to reduce spurious
frequencies beyond the bandwidth of interest or to separate the signals based on
frequency band before converting these analog signals to digitals signals. For
example, neural recording ampilifier is typically achieved with combined a bandpass
filter [12, 16, 19-23]. The cut-off frequencies are either programmable or tunable with
a bandwidth of sub-Hz to 7 kHz. The low-frequency cut-off prevents a large DC offset
from the electrode, and the high-frequency cut-off eliminates the unnecessary out-
of-band noise. For cochlear implant, filter banks in the audio-frequency with 8-20
channels are employed related to implanted electrode. The transconductance-
capacitor (G-C) topology has shown to be an outstanding choice for low power
operation.

ADC is a key building block that links the natural world of biopotential signals
and the world of digital processing. Conversion of these signals requires an ultra-low-
power operation e.g. in UW to nW range, medium-resolution typically 8-12 bit. The
Successive approximation converter is widely used for imptementation because this
architecture has minimum analog complexity, tow-power consumption and digital
scalability with technology. The SAR architecture inctudes only one comparator, DAC
typically composed of binary-weighted capacitors, and control logic.

Low power and low noise requirements are challenging to achieve
simultaneously. Meanwhile, noise levels are usually reduced as the power
consumption is increased. For this reason, these designs are often a compromise to

a trade-off between power and noise levels.
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Figure 1.3 A general block diagram of typical implantable medical devices

ADC

Figure 1.4 An analog front-end circuit

1.3 Thesis organization

The motivation and background of implantable medical devices are introduced.
Examples of implantable medical devices such as a cochlear implant, neural
recording and closed-loop DBS are reviewed. A general block diagram of a typical
implantable medical device particularly analog front-end circuit is discussed. The
proposed G,-C filter and logarithmic SAR ADC suitable for implantable devices are
introduced as the thesis distribution. Chapter 2 presents a review of Gn-C filter
architecture and the operation of a conventional SAR ADC. The comparison between
linear ADC and logarithmic ADC architecture are discussed for using in implantable
medical devices. In Chapter 3, details the proposed simple, high-Q, programmabile,
Gm-C bandpass filter, which consumes only a few nanowatts of power dissipation.
The capacitive input attenuation technique is used to increase the linearity of the
filter. The design of the process, voltage-insensitive bias current is proposed to adjust

the center frequency of the filter. Key design considerations and analysis of noise,



and bandwidth are shown. Post-layout simulation results are presented and
compared with exfsting filters. Chapter 4 describes the proposed 6-bit, logarithmic
SAR ADC. The structure and circuit implementation of crucial building blocks of SAR
ADC are considerations. The desired togarithmic relationship is realized by using a
piecewise-linear approximation, and the ADC circuit is implemented by using a two-
step successive approximation structure. Post-layout simulation results both static
and dynamic performance are showed and compared with existing ADCs. Finally,

Chapter 5 is the summary and suggestions for future work.



Chapter 2

Overview of low power G,-C filters and Successive
Approximation ADCs

In this chapter, an overview of the transconductance-capacitor (G,-C) filters and
successive approximation analog to digital converters (SAR ADC) are introduced. In
section 2.1, the general requirements of bandpass filters (BPF) for biomedical
applications such as ECG, spikes recording, LFPs recording, cochlear implant and
breathing detection are described. Several techniques for wide linear range
operational transconductance amplifier (OTA) and subthreshold G.-C filters for
nanopower operation are presented. The Figure-of-merit (FoM) for performance
comparison of existing BPFs is described. In section 2.2, a performance comparison of
various architectures of ADCs including SAR, pipeline, sigma-delta and flash is
described and the suitable ADC architecture for biomedical application is deduced.
The basic operation of SAR ADC and a nonlinear ADC, in particular logarithmic ADC
for biopotential signals such as neural and audio signals are presented. Finally,
performance parameters for comparison between linear ADC and Logarithmic ADC
are summarized.

2.1 Overview bandpass filter for biomedical applications

2.1.1 General BPF requirements for biomedical filters

The bandpass filter is used as a part of analog front-end preprocessing blocks in
several biomedical apptications such as a cochlear implant [5, 24-27], breathing
detection [28] cardiac pacemaker [29-31] [30-33] . The filter separates desired signals
from other signals and noise by making use of the difference in their energy
frequency spectra. Figure 2.1 shows an approximate frequency and amplitude
distribution of common biopotential signals [34]. The range of amplitudes and
frequency contents is major factors which influence the design specifications for
processing and recording. The amplitude range determines the required dynamic
range (DR) of the sienals. The common biopotential signals have a very low-
frequency content from DC to a few kHz and have amplitudes in the range of uVv-

mV.
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Figure 2.1 Approximate frequency and amplitude distribution of common

biopotential signals [34]

For example, the filker used in a cochlear implant divides the input signal,
which is amplified by a low-noise preamplifier into frequency bands and then are
processed and sent to individual electrode. The frequency discrimination of the
cochlear system is essential for the extraction of spectral content in auditory signals.
The filter should be tunable over the audio frequency range which spans from 20 Hz
to 20 kHz. The DR is approximately 80 dB. The high-Q bandpass filter is also needed
to isolate frequency information. The envelope of the filtered signals is used to
control the amplitude of the stimulating biphasic pulses. A logarithmic ADC is
implemented to ensure that the envelope output is suitable for the dynamic range
of electrically generated hearing, Figure 2.2 shows a general block diagram sound
processing used in the cochlear implant [5].

Implantable  cardiac  pacemaker and the electrocardiogram  (ECG)
microstimulator are medical device to help control abnormal heart rhythms and
providing electrical pulses when the heart does not function properly. The BPF s
generally used in the pacemaker sensing system block diagram as shown in Figure 2.3
[33, 35]. It comprises a low noise amplifier, filter, ADC and DSP. A low-noise amplifier
is used to amplify the weak ECG signals. Depending on the electrodes used, the ECG
signal swing can also vary from 50uV up to 4mV [36] and thus the required dynamic
range is 44 dB [37, 38). The BPF is placed behind the preamplifier with the
recommended bandwidth of 0.05-150 Hz and 0.05-250 Hz for adults and children,
respectively [32, 39, 40].
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Figure 2.4 depicts the principal components of the breathing monitoring system
[41). The microphone sends the respiratory sound signal to a bandpass filter which
passes frequencies in the range respiratory sounds. The sixth-order BPF is required
with a passband of 500-900Hz. The filtered signal is passed to a rectifier and a feature

recognition section to a transmitter which sends an appropriate signal.

st.
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L N~ Programmable LS Envelope | Log-ADC _>®__’Stimulating
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Figure 2.2 A general block diagram sound processing used in the cochlear implant [5]

BPF
FETHE p| Preamplifier 0.1-250 Hz ™ ADC
Sensor ‘o 7z

7N

Figure 2.3 Sensing system block diagram for implantable pacemaker applications [33,

35]

BPF d LB Feature
i eatu
i 034 Hz e _
—®| 500-900 Hz [ rectification [~ * ord || Recognition [ Transmitter
oraer N
Microphone VRN » =\ section

Figure 2.4 A block diagram of the system and the most relevant blocks

implementing the proposed breathing detection algorithm [41]

The other required performance BPF of neural prosthetic applications including,
filtering of neural signals as high-frequency spikes and low-frequency LFPs are

summarized in Table 2.1. Typically, low noise, wide dynamic range, low distortion,
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compact physical area, low power consumption and wide tuning range are the
general specifications for most biopotential signals that required for the filter

implementation.

Table 2.1 Approximate frequency and amplitude distribution of common

biopotential signals and required BPF performance

Signal characteristic BPF required performance
Applications
Amplitude BW (Hz) DR (dB} Filter order
ECG [36], [32, 39,
S0V - dmV 0.1-150,250 44 4
a0].
Spike recording [19] 10uV - 100uV 100-7k >60 dB
2
LFP recording [19] up to 5mv 1Hz - 100 Spikes+LFPs
Cochlear implart
SUV-50my 100 - 10k 60 >2
{8]
breathing detection
n/a 500-900 44 6
[28]

2.1.2 Nanopower BPF design

Various types of continuous-time filters, including opamp-RC filters, RLC ladder
filters and G-C filters [31, 42-46], can be used for biomedical applications.

In an op amp-RC filter, the opamps must have sufficient gain-bandwidth in order
to maintain the virtual ground condition at its inputs over a wide range of
frequencies. Thus, the power consumption of the filters is directly related to that of
opamps, which usually results in a relatively larger power dissipation comparing with
a G,-C filter operating at the same frequency.

GC filters have been successfully employed in the design of low-frequency
filters. This topology offers key advantages in terms of tunability, circuit simplicity,
nanopower operation and a compact physical area. The center frequency of the G-
C topology is typically determined by the ratio of G,/C. However, since the small
values of the on-chip capacitors typically in the order of tens pF for the realizable
area in the circuit implementation, the filter can be obtained only using the ultra-low

Gm, typically in the order of a few nA/V or less.



13

To meet the power consumption and area requirements for the G,-C filter, the
number of OTAs should be minimized because the larger number of OTAs means
higher power consumption, larger chip area, more noise, and more parasitic effects.
Subthreshold G,,-C filter has shown to be an excellent choice in low-power, low-
voltage, and low-frequency biopotential signals. Conducting a very low-current in
subthreshold operation results in a very low transconductance that helps in
designing a very low-frequency G-C filter. The performance of G-C filters directly
depends on its OTA. One important drawback of the subthreshold G,-C filter is the
narrow linear range of the OTAs affecting the linearity of the overall system. The
reason is that subthreshold current in MOS transistors operating in subthreshold

depends exponentially on the gate voltage.
2.1.2.1 Wide-linear-range OTA

Various design strategies to improve linearity performances of the OTAs and
overcome the deterioration of its specifications have been proposed in the literature
[47-54]. The techniques are as follow: 1) input attenuation, 2) source-degeneration, 3)
nonlinear terms cancellation, and 4} the multiple-input floating-gate (MIFG) MOS
transistors.

In the input attenuation technique, the linearity improvement is accomplished
as the nonlinear terms of the output current is reduced by reducing the input
voltage. The bulk driven transistor is one of the attenuation techniques that can be
used for reducing input sienal [55-59]. The input signal is applied to the bulk rather
than the gate of the transistor. Since the input signal is applied to the bulk, this
removes the limitation of threshold voltage requirements in low voltage operation.
The bulk transconductance is typically 2-5 times smaller than the gate
transconductance. However, this issue leads to lmit the gain, gain-bandwidth
product and high input referred noise that may still limit the signal dynamic range.
The passive attenuation is another technique used resistive- or capacitive-
attenuation. It allows for simple scaling of attenuation ratio for adjusting the linear
range and does not introduce harmonic distortions.

In the source-degeneration technique, the linearity improvement s
implemented by stacking diode-connected transistors at the differential input

transistors. However, this technique increases noise factor of the OTAs, and then the
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noise-linearity trade-off is necessary [31, 55, 60-65]. Moreover, this technique limits
the voltage headroom which requires higher supply voltage and thus reduces dc
input operating range {55].

In the nonlinear terms cancellation technique, the linearity improvement is
realized as the superposition of two differential structures with opposite behaviors of
nonlinearity [66-69). Hence, the total distortion at the output of the
transconductance can be reduced. However, this technique generally relies on fully
balanced topology to achieve better linear Vig - lou conversion. Thus, the output
current might suffer from significant second-order harmonics due to mismatch of
process parameter tolerance and temperature gradient [70].

In the multiple-input floating-gate (MIFG) MOS transistor technique [51, 71-74], it
provides a voltage division at its floating gate that allows both low voltage operafion
and large linear range. However, this technique needs extra fabrication processes
which would not be useful in standard CMOS technology.

Although the linearity of transconductance is improved as mentioned above,
the increasing of power consumption and the circuit complexity are main drawbacks
designing filter operating in the nanopower. Note that the term nanopower defines a
class of circuits with power consumption of just a few nanowatts. MOSFETSs operating
in subthreshold and the element replacement as active devices are widely used for
designing the nanopower BPF. Moreover, the concept idea using only a single
transistor as the transconductance amplifier is attractive in terms of extremely low
power operation and reasonable physical size. The common source (CS) amplifier
can provide a negative transconductor as the output current flows into the amplifier
when applying a positive input voltage. The common drain (CD) and common gate
(CG) ampilifier can provide positive transconductors as the output current flows out
of the ampilifier when applying a positive input voltage. The approach [75] shows
that the FoM of G,-C filter is the lowest number reported and move closer to the
FoM’s fundamental limit (see in Figure 2.9). The detail will be more discussed in

section 2.1.3, 2.1.4 and Chapter 3.
2.1.2.2 Subthreshold operation

In subthreshold operation, the drain current through the transistor channel is

diffusion and changes exponentially related to the gate voltage, similar to a bipolar
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transistor. The subthreshold operation has become increasingly important because of
its lower current and therefore lower power consumption which is well suited for
biomedical apptications. The transconductance efficiency {g./la) is maximized, and
also the low values of Vpur enable Vpp minimization. However, there are
disadvantageous as the exponential sensitivity of the voltage-to-current characteristic
of the transistors results in a highly sensitive to transistor mismatch, power-supply
noise, and temperature. The unity gain cutoff frequency is more subject to parasitics
degrading energy efficiency by about a factor of two.

The drain current of a subthreshold NMOS transistor, the subthreshold slope

factor (n) and I are given by

Vos—V V)
IDS = Issexp (_GSUTth) [1 — exp (_ Tf')] (21)
_ CoxtCjo
(D . (2.2)
Iss = 2npCox U3 T (2.3)

where Uy is the thermal voltage, Vgsand Vpgare the gate to source and drain to
source voltages, respectively. u is the mobility of carriers, Cois the gate oxide
capacitance per unit area, and W/L is the aspect ratio of the transistor.

The drain current of a PMOS transistor is given by

Isp = Isp,exp (— :%")r) [exp (—‘LS—:) - 1] (2.4)
Isp, = [oexp (;{sl—i) (2.5)

The transconductance of a transistor in the subthreshold region is determined

by taking the derivative of 8ln/ 0Vaslvps_coneran: With respect to resulting in

g = 2 (2.6)

- nUT

The unity gain cutoff frequency (fr) in weak inversion is as follows:

IpCox
~ _8m_ . Yr(CoxtCo) . Ip 2.7)
T = = ot = 2.7
ZnCgp o 0x%jo 2nUpCjp
C0X+Cj0

In (2.6) for a fixed drain current, the transconductance of MOS transistors is
maximized in the subthreshold region. In other words, a targeted value of
transconductance can be achieved with less drain current in the subthreshold region

than in strong inversion.
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2.1.3 Existing BPF for biomedical applications

In [24, 30], the BPF is basically from a parallel RLC bandpass filter used in
cochlear implant and cardiac pacemaker as shown in Figure 2.5. For synthesizing G-
C bandpass filter, passive devices including inductors and resistors are replaced by
active devices. For example, the inductors are replaced by gyrator-C which is based
on two transconductance amplifiers and a capacitor. After the transformation, the
inductors and resistors become electronically controllable through the setting of
transconductances. Figure 2.5 (b) shows a 2™ order G-C bandpass filter based RLC
realized by four OTAs. The Gy, feeds the input while G4 implements a grounded

resistor. The gyrator G, Gz and C; acts as an inductance.

Figure 2.5 (a) Parallel RLC bandpass filter and (b) G,,-C replacement of the filter [24,
30]

The transfer function of the parallel RLC is as follow

gEma
—_ Gm1 Cq
H(s) = Gms LzﬁimiﬁszmJ (2.8)
C1 C1Ca

Therefore, the passband gain (K), the center frequency (wg) and, the quality

Cmabms A _ GG 1 2
C,C; Q= \Icmzcms Gma 29)

factor (Q) are given by



fuNHeaRANAN NITFNAMaIANTITS
17

At a center frequency of 1.4 kHz and quality factor of 4, the filter has 70dB of
dynamic range and consumes 2.55 pW. The passband gain, w, and, Q can be
adjusted through the transconductances.

The ladder filter topology is widely used in several biomedical application such
as wearable breathing detector [41], portable EEG systems [76] and cardiac
microstimulator [29, 30]. The element replacements as active devices are also used
for designing a ladder topology similarly to an RLC bandpass filter.

The BPF in [25] is basically from a cascade of first-order highpass and first-order
lowpass filters. The first-order filters highpass and lowpass filter are built using
transconductance amplifiers. The G, and G,,, effectively behave as a resistor. The
capacitive-attenuation -technique is ‘used to ‘increases the linear range of the
transconductors as shown-in Figure 2.6. It allows for simple scaling of attenuation
ratio for adjusting the linear range. It also does not introduce harmonic distortion,
and no consume static or dynamic power.

The transfer function of this filter is given by:

Gm2

goom2
L (A+1)C
H(s) = o Toree (2.10)
(A+1)C " [(A+1)C]?

where Cy= G, =C
The center frequency, the quality factor (Q) and the passband gain (K) are

given by
.. \melcmZ r & Gml o
0= Y= ———-sz,l(—l (211}

Cl
R
AC,

- C 1

© Ibias,z 2 ‘ =
AC,
il

Figure 2.6 A cascade of first-order highpass and first-order lowpass filters with the

capacitive-attenuation technique [25]

078448
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The structure in [77] uses the same filter topology as used in [25]. However, at
the fransistor level, it uses a single M;, and M4 transistors as resistor Ry and Ry,
respectively. This structure consists of only four MOSFETs and four capacitors without
counting current sources and reguires only two branches of current consumption as
shown in Figure 2.7. This structure consumes only 14.4 nW which are much less than
other commonly used topologies such as Gn-C. 1% THD is achieved with 80 mV,
input, along with 50 mV,,, input-referred noise resulting in a dynamic range of 55 dB.
The 4"-order fitter is directly cascading two biquads with occupy 330 ym x 400 pm.
The center frequency can be easily controlled via the transconductance, However,
the quality depends on the ratic of C; and C; and is fixed.

The transfer function of the biquad is then derived as:

L1

s
H(S) = _S—ZE?TEimSC——lH (212)
Bm  8m

The center frequency, the quality factor (Q) and the passband gain (K) are given
by
2 K=1 (2.13)

— _Bm -
Wy = "'_C].CZ'Q

A higher-order filter in [25], [77] is greatly simplified by cascading two identical
2"order bandpass filter stages. A simple source follower is employed as a voltage

buffer to avoid the loading effect between two 2™ order filter stage.

O, O
M, M, -—I—"”t_

VI
—V,.-
NN
Ml MZ
-

Figure 2.7 Bandpass biquad and its equivalent RC prototype [77]
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In [75], the G,-C BPF is implemented by using a single transistor as the OTAs as
shown in Figure 2.8. This structure indicates that at 1 kMHz center frequency, a
dynamic range of 47 and 55dB (THD 1% and 5%, respectively) is obtained from 2 nW
power consumption. The chip occupies 64 um x 225 um fabricated in a 0.18 um
CMOS process. Although this structure achieves the lowest FoM compared to other
existing designs to date, the maximum value of the quality factor is limited to only
0.5 which may not be sufficient for cochlear implant and hearing aids. The maximum
value of the passband gain is also limited to 0.5. To accomplish higher quality factors
and gain, additional circuit elements and power consumption are thus required.

The transfer function of the bandpass filter is given by (2.14). The passband gain
(K}, the center frequency (w,) and the quality factor (Q) of the bandpass filter are
given by (2.15), respectively.

H(s) = ——aor; (2.14)

For Gpa = Gma = Gop,

s =) | JGC
K= Ci+Cy 7 Wo = JEaCy " = 4 e (2.15)
VDD
. ® OX

C

Vour \ “! oViez

M1 :"_'OV'Z
© VBPI
= = _|E Mz MZ jl_

(a) (b)

Figure 2.8 (a) Block diagram of a single-ended, 2" order BPF and (b) a filter

implementation using a single MOSFET as a G, element [75]
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2.1.4 Figure of merit (FoM) of filter

Different filter designs are usually compared to a figure of merit (FoM) which is
typically a ratio of power consumption needed to achieve the required number of
poles, bandwidth and dynamic range. In the literature, there are two slightly different
definitions of FoM for comparison of analog filters. Recently the FoM is defined in
[41] shown in (2.16), where P is power consumption, Vpp is the power supply voltage,
N is the filter order, fc is the center frequency, and DR is dynamic range. The other

well-known FoM is defined in [78] without Vpp in the numerator.

i PXVDD
FoM = ———r (2.16)

For low power analog circuits that employ weak-inversion MOSFETs, reduction
of the power supply voltage while retaining the same bandwidth and signal-to-noise
ratio will fundamentally impose an increment of power consumption by the same
factor [78]. Let’s consider two exact filter designs; one operates with a higher Vpp and
the other with a lower Vpp. Using the FoM without Vpp, the filter with a lower Vpp will
have a larger Fom because of the fundamental increase in power consumption. Thus,
the FoM without Vpp hides true circuit design effort and performance for low power
and low voltage operation. On the other hand, the FoM with Vg in (2.16) neutralizes
the fundamental effect of increased power consumption as the result of scaling
down Vpp. Thus it will reflect a fairer comparison between two filter designs with
higher and lower power supply voltages.

Figure 2.9 shows the FoM versus power per pole of the filter of various
biomedical BPFs collected from 2003 to 2016 [25-27, 41, 71, 75-77, 79-81]. The figure
indicates that the BPF in [80] based on G, substitution of first-order highpass and
first-order lowpass filters is basically the same structure in [25]. The FoM
improvement is about 10 times less than the FoM in [25] due to using a low power
Gm. The filter introduced in [77] uses the same filter topology as using in [25, 80]
achieved about almost an order of magnitude improvement. The reason for this is
that replacing the MOSFETs behave as a resistor. This structure requires only two
branches of current consumption. Recently, the BPF in [75] realized by using a single
transistor as the OTAs shows a significant FoM improvement which is about 10 times

less than the FoM in [77].
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Figure 2.9 FoM versus power per pole of the filter

In this thesis, a Gn-C BPF based on the cascode gyrator-Cractive inductor using
only a single transistor as the OTAs will be described. The capacitive attenuator is
also used to improve linearity performances. The propased bandpass filter will be

described in full detail in Chapter 3.
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2.2 Overview ADC for biomedical applications

2.2.1 Architecture Selection
Analog to digital converter (ADC) is one of the key building blocks that interface

between analog signals and digital processing units. Fundamental architectures of
analog to digital converters including SAR, Pipeline, Sigma-Delta and Flash cover most
of the resolution-bandwidth space in energy efficient way. A well-known FoM of ADC
is calculated to compare the performance of the ADC to provide a platform for
energy efficiency comparison. This merit is used to calculate of how much energy is
required to perform a conversion step. This.FOM has units of energy per conversion

step and is defined as

FoM = —zop (2.17)
. JT10): g, £ et (2.18)
6.02

where ENOB is the effective number of bits, calculated from SNDR in (2.18), and fs is
the sampling frequency of the signal. SNDR is the signal-to-noise-distortion ratio in dB
measured with-a-sinusoidal input. Figure 2.10 shows the FoM and sampling frequency
for all ADCs ‘published in ISSCC and VLSI between 2000 and 2016 and logarithmic
ADC for biomedical applications (data adapted from {82]).
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Figure 2.10 The FoM and sampling frequency of fundamental architectures
published ISSCC and VLS| between 2000 and 2016 and logarithmic ADC for
biomedical applications (data adapted from [82]
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The figure indicates that among various ADC architectures, the SAR architecture
has demonstrated the highest power efficiency over other architectures for all

sampling frequencies.

2.2,2 The Successive Approximation ADC
The SAR architecture basically consists of four basic building blocks: sample
and hold (S&H), DAC (typically composed of N-bit binary-weighted capacitor),
comparator and SAR control logic. The block diagram of SAR ADC is shown in Figure
2.11. The operation is as follow: The comparator starts with comparing the input
voltage with the threshold voltage levels from the DAC which egual to mid-full-
scale-level to generate MSB. Depending on the comparison outcome, the output
| comparator is then processed by the digital control logic, which generates a control
signal to the DAC. This feedback logic performs a binary search to find the correct
'digital output bits to minimize the difference between the DAC voltage and the
analog input. The conversion is successively from the most significant bit (MSB) to
the least significant bit (LSB). It requires N clock cycles and thus, N comparisons to
complete a conversion. The binary search takes time-consuming to complete a
conversion. However, it significantly relaxes the hardware complexity because all N
comparisons share and uses the same set of hardware.
There are some disadvantages of the SAR ADC architecture as follows:
» The operation SAR architecture is a serial nature so that this architecture is
suited for moderate speeds.
e The number of unit capacitors for an N-bit SAR ADC is required as 2NCumt for
single-ended implementation and 7. Cunit for differential implementation.
Therefore the resolution of ADC is limited by the number of unit capacitors.

» The offset comparator noise causes performance degradation of the ADC.

2,23 Nonlinear ADC for biomedical applications
Recently, the designs of signal-specific nonlinear ADCs have been proposed. In
general, signals can be divided into mainly three types depending on the

concentration of information in the amplitude domain [83]:
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Figure 2.11 The block diagram of SAR ADC

1) Non-concentrated information (NCI) is defined as a uniformly distributed
signal which is normally converted by linear ADC.

2) Information concentration at low amplitude (ICLA) is defined as the
concentrated information is more of the lower side of amplitude signal. It means that
the lower amplitude is more the resolution in the quantization than the higher
amplitude. A logarithmic ADC is used to perform ADC with non-uniform quantization
step for this type

3) Information concentration at high amplitude (ICHA} is defined as the
concentrated information is more emphasis on the higher side of amplitude signal.
This means that for large amplitudes the signals are quantized with fine resolution.
An exponential ADC is realized to perform ADC for this type.

Various nonlinear ADC types have been proposed for several biomedical
applications such as cochlear implant, neural recording and stimulation in the
literature. In [84] proposed togarithmic ADC for cochlear implant, the logarithmic ADC
is used to compress the wide range envelope signal to narrower signal as shown in
Figure 2.2, For normal-hearing listeners can detect about 200 discriminable intensity
steps within their dynamic range, while implant patients can only discriminate
between 8-50 intensity steps. Thus, the compressed signals are not more than 30-dB
dynamic range with a typical value being about 10 dB {84]. The compressed signals
are transmitted through the skin via the telemetry system to the implanted receiver
stimulator to stimulate the electrodes in the cochlear. Therefore, 6-bit logarithmic
ADC is sufficient. The logarithmic ADC requires at least 60-dB dynamic range, 300 Hz

sampling rate and 6 physical bits to handle the envelope variation in speech.
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In neural recording and DBS, spike and LFP signals are normally processed
separately in the frequency domain where each signal is filtered and amplified with
isolated signal paths. This results in a large number of amplifiers and filters that lead
to higher power dissipation and chip area. However, both spike and LFP signals are
important for prosthetics and neuroscience interpretation, and it is thus optimal to
measure both signals simultaneously. Features of the LFP signals, in particular, the
energy of LFPs, have emerged as more effective feedback indicators for DBS. The
approach in [11, 13} presents a wide dynamic range logarithmic pipeline ADC can
replace the analog filtering to measure both signals simultaneously. Figure 2.12
shows a block diagram of the analog front-end log-based closed-loop DBS system.
This approach can save power consumption and area as it requires less number of
bits while achieving the same DR compared to a conventional linear ADC. A
logarithmic ADC is used to digitize neural signals in a small number of bits while
preserving the high DR characteristic of neural signals. The sampling rate should be
more than 20 kHz, and the required dynamic range should be 60 dB due to the
differences in both amplitude and frequency contents of spikes and LFPs (see Table
2.1).

In [83], the piecewise-linearly-approximated exponential, two-step SAR ADC is
proposed to digitize spike signals. It is assumed that the spikes are already amplified.
These signals are quantized with fine resolution while the small background noise is
quantized with coarse resolution. This exponential ADC achieves higher resolution
with the same number of physical bits compared with linear ADC, less transition

causing lower power consumption and lower background noise.

Analog frontend

Neural probe

*®

35
oO— > 2 - Digital
o— — ¥ [ Logaritmic [_{ | 8
O— — 5 filter
O—m-[ LNA R — é ADC

Figure 2,12 a block diagram of the analog front-end log-based closed-loop DBS

systemn
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Table 2.2 Nonlinear ADC required performance

ADC required performance
Applications ADC type
DR {dB) fs resolution
Cochlear implant
Logarithmic 60 >300Hz 6
[84]
Neural recording Depending on current
Logarithmic 60 >20 k
and DBS [11, 13] stimulator resolution
Spikes recording
Exponential 60 >20 k n/a
[83]

In this thesis, a logarithmic SAR ADC is proposed for cochlear implant system,
neural recording and close-loop deep brain stimulation. The proposed ADC will be
described in Chapter 4.

2.2.4 Logarithmic ADC

A logarithmic ADC can be realized either by using a nonlinear device with a
linear ADC {84] or by performing the required signal operations in the logarithmic
domain with conventional ADC architectures suéh as pipeline [11, 13, 85], cyclic [86],
or lookup table [87]. For example, logarithmic pipeline ADC, converting signal
operations of a linear ADC to its logarithmic counterpart involves replacing
subtraction with division (or multiplication) and multiplication-by-two with squaring.
In ltogarithmic SAR ADC, a straightforward method to realize is to employ the
conventional linear SAR ADC structure and substitute the linear charge-redistribution
digital to analog converter (DAC) with a logarithmic counterpart.

The logarithmic ADC performs analog-to-digital conversions with non-uniform
quantization, in another word; the LSB size varies with the input signal level. Small
analog input amplitudes are quantized with fine resolution, while large analog input
amplitudes are quantized with coarse resolution.

An N-bit logarithmic ADC converts an analog input voltage (Vi) to an N-bit
digital output code (D,) according to a logarithmic mapping described by (2.19)

N :
Dout = 2? logy, (h’— bc) (2.19)

Vrs
where N is the number of bits, b is the base of the logarithmic function, C is defined

as the code efficiency factor, and Vs is the full-scale analog input voltage range.
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The ADC’s logarithmic mapping relationship in (2.19) can be adjusted by the
values of C and b. The input voltage is divided by the full-scale ADC analog input
range, mapping the input to a nominal range from 0 to 1. Figure 2.13 shows
characteristic of an ideal 3-bit logarithmic ADC with assorted values of b and C with
Ves=1 V while threshold voltage levels, LSB,,., and DR of 3-bit logarithmic ADC with
assorted values of b and C are summarized in Table 2.3. It can be deduced that
larger values of C and b will result in a more nonlinear logarithmic mapping, which
emphasizes on the conversion of small input amplitudes and yields a larger DR.

In contrast to an N-bit linear ADC which has a constant LSB (least significant bit)
size of V,:S,/ZN, the LSB size of an N-bit logarithmic ADC varies with the input
amplitudes. For small input amplitudes, the LSB size is small and has the minimum
value of (2.20) when D, changes from 0 to 1. For large input amplitudes, the LSB
size is larger and has the maximum value of (2.21) when D, changes from code Mo

to 2'-1 Note that the logarithm of the LSB size is constant for a logarithmic ADC.
LSBoyin = Ves b ¢ - (692" —1) (2.20)
ESEWL Sty Bt/ (2.21)

The DR of an ADC is defined by the ratio of the maximum input amplitude to
the minimum resolvable input amplitude. Thus, in theory, the DR in decibels of an N-
bit linear ADC is equal to 20log10(2N), while the DR of an N-bit logarithmic ADC is given
by (2.22).

DR = 201log;, (LS‘;‘-’;H) = 20logy, (ﬁ) (2.22)

2.2.5 Performance parameter of logarithmic ADC
2.2.5.1 Static Parameters
Static parameters refer to the performance of the ADC on some static or dc
input voltage. The most common static metrics include differential nonlinearity
{DNL), integral nonlinearity (INL), offset error and gain error. The offset error is the

output occurring for the input code that should produce zero output.



Dout

0.0001

- be10,C=2] —be10,C=3  —b=10,C-4
——b=2,C=8 | —b=2C=7 r--b=2,C=9
~=Linear ‘

0.001

0.01
Vin (V)

L

28

Figure 2.13 Characteristic of an ideal 3-bit logADC with assorted values of b and C

Table 2.3 Threshold voltage levels, LSByi,-and DR of 3-bit logarithmic ADC with

assorted values of b and C

Vingn (V) | b=10,C=2 b=10,C=3 b=10,C=4 b=2,C=7 b=2,C=8 b=2,C=9 Linear ADC
Dou=7 0.562341325 | 0421696503 | 0.316227766 | 0.545253866 | 0.5 0.458502022 | 0.875
Dou=6 0.31622%766 0.177827941 | 0.1 0.297301779 | 0.25 0.210224104 | 0.75
Dou=5 0.177827941 | 0.074989421 | 0.031622777 | 0.162104944 | 0.125 0.096388177 | 0.625
Doy=1a Q1 0.031622777 -0.01 0.088388348 | 0.0625 0.044194174 | 0.5
Dout=3 0.056234133 | 0.013335214 | 0.003162278 | 0.048194088 | 0.03125 0.020263118 | 0.375
Dou=2 0.031622777 | 0.005623413 | 0.001 0.026278013 | 0.015625 0.009290681 | 0.25
Dou=1 0.017782794 | 0.002371374 | 0.000316228 | 0.014328188 | 0.0078125 0.004259796 | 0.125
Deui=0 0.01 0.001 0.0001 0.0078125 0.00390625 | 0.001953125 | O
LSBpmin

V) 7.783 1371 0.216 6.516 3.906 2.307 0.125
DR (dB) | 42.18 57.26 73.30 43,72 48.16 52.74 18.06
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The gain error guantifies the slope deviation of the transfer function from the
actual staircase slope when the offset error has been reduced to zero. For test and
measurement, offset error and gain error are important error sources and need to be
removed or calibrated out.

The INL error is used to measure of accuracy that specifies the deviation of a
converter’s input-output relationship away from ideal straight line transfer function.
Since it is the total deviation from the ideal straight line transfer function, the INL for
a specific code can be obtained by summing all the previous DNL’s up to that code.
The DNL is defined as the deviation of the actual step size from the ideal step size
that causes the transition. Linear ADC step-size is the smallest change in input
voltage required, obtaining a unit change in the output code. V s is equal to Vree/2N
for an N-bit ADC. Typically, INL and DNL are measured by slowly sweeping the
converter input over its full-scale range. Both DNL and INL are usually expressed as a
fraction of the ideal LSB size.

In a logarithmic ADC, the definitions of DNL and INL for a logarithmic ADC are
similar to a linear ADC except that in a logarithmic ADC the ideal step size is different
for each code. A logarithmic LSB size is defined by the difference of the logarithm of
the analog input amplitudes for two adjacent digital output codes, Dy,; and D,. The
logarithmic LSB size, expressed in decibel, is a constant value for fixed values of C
and N, and it is independent of the analog input level and the full-scale input range.

The logarithmic L.SB size, the INL and DNL are given by

LSBy (dB) =10gao(in(Dns+1)) — 1ogao(in(Dn)) = 55 (2.23)
— LSBn.ideal(dB)—LSBn.actual(dB)

DNL, = LSBp,ideal (dB) (2.24)

INL, = ¥, DNL;(dB) (2.25)

2.2.5.2 Dynamic Parameters

Dynamic parameters are used to evaluate the ADC performance with a time-
varying input voltage signals. Some of the important dynamic performance
parameters are Signal-to-Noise Ratio (SNR), Signal-to-Noise and Distortion Ratio (SNDR)
and Effective Number of Bits (ENOB).
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Table 2.4 Comparison performance parameter between linear and logarithmic ADC

Parameters Linear ADC Log ADC

Physical: the number of bits at the output of ADC

the nurnber of bits at the
Resolution Max resulution: the minimum resclvable input
ouiput of ADC
amplitude

LSB pin = Vig + b~C+ (62" — 1)
LSB size LSBconstant = Vps/2Y L3Bmax = Vs (1 - b"C/ZN)

C
LSB,(dB) = logy(in(Dns1)) — 10g1o(in(Dy)) = SN

bE
DR DR = 20log,,(2V) DR = 20log,, (W)
n n
INL | N, = Z DNL, INL, = z DNL, (dB)
i=0 i=0
BNL DNLn - (vin(i + 1) =3 Vm(l)) DNL. = LSBn,ideal (dB) - LSBn,actua] (dB)
VLsB,ideal i LSB; igea; (dB)
SNDR sinusoidal input exponential input
_ SNDR*-1.76 _ SNDR'*-1.76
. BNOB =5 LIVl So Ay e
{* sinusoidal input) (** exponential input)

In a linear ADC, to measure these parameters, a pure sinusoid input is applied to the
ADC, and the ADC output spectrum is analyzed using Fast Fourier Transform (FFT).
SNR is the ratio of sinusoid power to total noise power excluding harmonic distortion.
The ratio of sinusoid power to total noise power at the output is the SNDR of the
ADC.

In logarithmic ADC, a pure sinusoidal waveform input signal is not a suitable to
evaluate the SNDR of the ADC as a digital representation of a waveform which is a
logarithmic function of the input. Instead, an exponential function of a sinuscidal
waveform is more appropriate because the digital output codes will give a uniform
representation of the sinusoidal waveform. The definitions of ENOB, SNR and SNDR
are still similar to a tlinear ADC.

Comparison performance parameter between linear ADC and Logarithmic ADC

are summarized in Table 2.4.



-Chapter 3

Low-power Tunable High-Q 4" order G,,-C BPF

This chapter present the realization of the low-power tunable high-Q G-C
bandpass filter suitable for many biomedical applications that require low-frequency,
wide-tuning range as well as ultra-low power and low voltage operation. The work in
this chapter was originally published in [92] used in RF applications. The filter is
based on the cascode gyrator-C active inductor using only a single transistor as the
transconductance elerment. The filter structure in {92] provides circuit’s simplicity and
requires a minimum number of active elements (only two G, cells) leading to
consume the power. Moreover, the passband gain, the center frequency and the
quality factor can be easily controlled via the transconductance. The high-Quality
factor is improved by the cascode active inductor and negative resistance. In this
chapter a programmable current generator based on self-cascode MOSFET and self-
biased circuit with a 3-bit DAC is introduced to adjust the center frequency. The
capacitive input attenuation technique is employed to improve the linearity of the
filter as it does not introduce harmonic distortion.

This chapter is organized as follows: Section 3.1 presents design specifications
and considerations realization of the BPF. The G.,-C bandpass filter based on the
cascode gyrator-C active inductor which consumes only a few nanowatts of power
dissipation is described 3.2, Noise analysis and programmable bias current generator
are introduced in the subsequent section. Sections 3.2 and 3.3 present the post-

layout simulation results and conclusion, respectively.

3.1 Realization of the bandpass filter for biomedical applications

3.1.1 2" order and 4™-order bandpass filter circuits

A 2™-order Gr-C bandpass filter is realized by adding a coupling capacitor to
the gyrator-C active inductor, as shown in Figure 3.1 (a). A simple analysis can show
that the transfer function of the bandpass filter is given by (3.1), where Go; and Ggz
are the output conductances of G,y and Gy, respectively. It can be shown that the
passband gain (K) the center frequency (w,) and the quality factor (Q) of the
bandpass filter are given by (3.2)-(3.4), respectively.
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-s( Goz +G01)

~ C2+Cin €1
H(S) = 2+S( Goz _ Go1}, Gmi1Gmz (3.1
Ca+Ciy €1/ Cp(Cz+Cyy)
K Gma1Cin (3.2)

" Gp2C1+Go1 (Cin+Cz)

Gm1Gm2
= [ miim2 3.2
Wo \‘ C3(C2+Ciny 3.2

_ ¥6m1Gm2C1(Cin+Cz) (3.4)
Go2Cy+Gg1(Cint+Cz)

Figure 3.1 (b) shows a simple single-ended realization of the 2" order
bandpass filtter by using a single MOSFET as the transconductance element. The
common-gate stage M; and the common-source stage M; realize Gn; and Gmp,
respectively. Both MOSFETs are biased to operate in the weak inversion region in
order to achieve large transconductance-to-current efficiency (g./Ip). The capacitive
attenuation of the input signal, formed by C, and C;, helps reducing signal distortion
from large input voltage signals.

Figure 3.2 shows a fully-differential realization of the 2" order bandpass filter,
which is employed to suppress even harmonic distortions and to increase signal

swing. The quality factor of the single-ended filter is limited by large G, and Gg.

(b J_
@) C

T Cin
v

n

Figure 3.1 (a) Block diagram of a single-ended, 2" order bandpass filter topology and

{b) a filter implementation using a single MOSFET as a G,, element
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Figure 3.2 The proposed schematic diagram of a fully-differential 2"-order bandpass

filter

In the fully-differential implementation, cascode transistors (Ma,p,) are used to
reduce Gy, and a differential cross-coupled negative resistor, realized by Mg,y is used

to reduce Gg;. From the differential cross-coupled negative resistor shown in Figure

3.2, the output conductances of Gyy is reduced from Gy N —————— 10
Tol1//BmiTo1lolz

Go1' = Ggy — Ema. Using cascode transistors, the output conductances of Gn, is

1

1 1 1 i .
reduced from Ggp ¥ —//— 10 Gop' =~ — where rgp12 IS drain-source
o2 " " Bma gmzToz2lo3 8m1 ¢

resistance of the non-ideal bias current source and r,q is drain-source resistance of

the M. Thus the gquality factor and passband gain of the filter can be enhanced

. VGm1GmzC1(Cin+Cz) GmiCin -
iven b = and K = respectively.
$ y Q Goz'C1+Gor ' (Cin+C2) Goz' C1+Gos (Cin#C) * | =P Y

Since M; and M, are biased in the subthreshold region, their transconductances
are directly proportional to their bias currents, as described by (3.5), where Uy is the
thermal voltage and n is the subthreshold slope factor. Hence, varying the bias
currents |, and |, change Gy, and G, respectively, thus the center frequency and
quality factor of the filter can be tuned. In this work, |, is equal to Nl;, where N is a
current scaling factor. The center frequency of the filter can be adjusted by varying ;.

The Q-value of the filter can be adjusted by changing the value of I; and N.

I1z (3.5)

G = =
m1,2 = 8mi,2 ST
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One advantage of the filter topology in Figure 3.2 is that a higher-order
bandpass filter can be easily realized by directly cascading a number of 2™.order
filter stages, thanks to the input coupling capacitor. Furthermore, the DC operating
points of each 2" order filter stage can be Uoptimized independently thus the
design of a higher-order fitter is greatly simplified. Hence, a 4" order bandpass filter,
which is realized by cascading two identical 2" order bandpass filter stages, is
demonstrated. A simple source follower is employed as a voltage buffer to avoid the

loading effect between two 2" order filter stages, as depicted in Figure 3.3

1 HIEH 1 EER

V:T Tv__‘ —

] b d) Ty

2" order BPF buffer 2™ arder BRF. -

Figure 3.3 Block diagram of cascaded 4" -order BPF

3.1.2 Noise analysis
Noise of the single-ended 2" order bandpass filter can analyze by considering

the noise model of the gyrator-C active inductor in Figure 3.4 (a), where Y,=5C,+Gy,

Y,=5C,+Gop, and V2, and vZ,, are the total input-referred mean square noise voltage
sources of Gy and G, respectively. By performing an elementary noise analysis, it is
straightforward to show that Figure 3.4 (3} can be equivalently represented by Figure
3.4 (b), where the mean-square voltage and current noise generators are respectively
given by (3.6) and (3.7). Thus the total input-referred mean square noise voltage of
Figure 3.4 (b) can be described by (3.8), where Yi, = (Y, Y, + Giu1Gma)/Ys is the

equivalent admittance of the gyrator-C active inductor at node 2.

vi= Vi (3.6)

12 = Yz nll + G?ﬂz anz (3.7)

vZ, = V& + 2 =vi, (1 + (Ym) ) + (Y—z:-) Vi (3.8)
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Using Figure 3.4 (b) and (3.8), the noise model of the 2™-order bandpass filter
can be simplified to Figure 3.4 (c), and the total input-referred mean square noise
voltage of the filter can be described by (3.9), which reveals that noise of the active

N2
Y‘") when it is referred to the input of

Yin

inductor is multiplied by a factor of (1 +
Yin

SCin

the filter. Note that the term <1 at

> 1 at low center frequencies and
5lin Slin

high center frequencies. Therefore, the input-referred noise of the bandpass filter will

be approximately equal to the noise of the active inductor at high center

frequencies, and it will be larger when the filter is tuned to low center frequencies.
— w2 _

V=2, (14 2n)’ (39)

sCin

Let’s now calculate ﬁ and @ of the fully-differential 2" order bandpass
filter in Figure 3.2. Since the circuit is fully symmetrical, noise can be calculated by
considering half of the circuit as redrawn with associated noise sources in Figure 3.5
(a). Weak-inversion MOSFETs Ms and M, realize the DC bias current sources, |; and I,
respectively. Comparing the circuit in Figure 3.2 and Figure 3.5 (a), it can be
recognized that Gy, is realized by a CG circuit in Figure 3.5 (b) and G, is realized by

a cascode circuit in Figure 3.5 (¢). Thus, by calculating the input-referred noise

sources of Figure 3.5 (b) and Figure 3.5 (c) and assuming that g,>>g,, vZ;, and vZ;,
can be approximately described by (3.10) and (3.11), respectively, where ﬂ is the

drain current noise source of MOSFET M;.

—_— .2 7] :2
| PR S T
Vr21i1 — .nd1 n2d4 nds (3'10)
Bma1
- 2 2 2
1% o, HE . +i
Vﬁiz — nd2” nd3™ nds (311)

g2

In this work, the gate area of each MOSFET is chosen to be sufficiently large so
that the drain current noise is dominated by the thermal noise, and the flicker noise
can be neglected. In Figure 3.2, the DC bias currents of M, are equal to
Imab=l+laap and the DC bias currents of Mg, are equal to lygap= loliap =(N-1l-
Imazp- [N this work, the aspect ratios of My, are much smaller than those of Mgy,

thus Iyeas s much smaller than lyeas. Hence, lyap™ 11 and Iyzap™ (N-1);. Since all
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MOSFETs are biased in the weak inversion region, the thermal drain current noise

sources of M-Ms can be described as

241 = 2qLAf (3.12)
i24, = 2ql; (N — DAf (3.13)
i245 = 2ql; (N — DAf, (3.14)
i2:, = 2qlya(N — 1)Af (3.15)
i2 o = 2ql; Af (3.16)
i2,5 = 2gNI; Af, (3.17)
where q is the electron charge, Af is the bandwidth of interest and o = % « 1.,

The noise contribution of the cascode transconductor Ms and the negative resistor
Mg can be negligible due to the degeneration at relatively low center frequency and
a « 1 respectively. Therefore, the primary noise sources are My, M3, M; and Mg. By
substituting the MOSFETS’ drain current noise sources into (3.10) and (3.11) and using
the relationships in (3.6)-(3.9), the total equivalent input-referred mean square noise

voltage of the 2" order bandpass filter can be described by (3.18).

Y (1 +Yi)2 . [ﬂ (1 3 (ﬁ)z) + w] (3.18)

sCin/ [y Yin Y,

<
r->.,|a*~'|

The right-hand side of (3.18) consists of two terms in the square bracket. The
first term is the noise contribution of Gy (the CG transconductor), while the second
term is the noise contribution of Gy (the cascode transconductor). Since G,; =
1,/nUg, it can be deduced from (3.18) that increasing |, will reduce the noise
contribution of G,,, while increasing the noise contribution of Gp;. At low center
frequencies (i.e. small [;), noise contribution of Gn; will be more dominant.
Therefore, designing the filter for lowest noise performance may be obtained by
choosing an optimal value of 1. However, the choice of |; is not completety
independent as it also affects the center frequency and the Q-value of the filter.
Furthermore, (3.17), also suggests that the noise contribution of G, will be dominant

when N is large (i.e. for higher filter Q values).
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Figure 3.7 Schematic diagram of a) the self-cascode MOSFET b) self-biased circuit
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3.1.3 Programmable bias current generator

in this work, the center frequency of the proposed filter can be adjusted by
controlling the filter bias currents. A programmable current generator consists of a
process, voltage-insensitive (PTAT) current reference (), a 3-bit, R-2R current
divider, and a digital decoder represented in Figure 3.6 and Figure 3.8, respectively.

The PTAT current reference using a MOSFET based on the structure [88, 89] is
shown in Figure 3.6. The current reference consists of two main functional elements
as a self-cascode MOSFET (SCM) and a self-biased circuit (SBC) as shown in Figure 3.7.
Transistor Mg and Mg operate in weak inversion region. The currents flowing through

Mg and My can be expressed as

Vag—V

IMB = Smgloexp (%Tth) (319)
Vos—V

Ius = Soloexp (%T“‘) (3.20)

where Vy, is the threshold voltage, n is the subthreshold slope factor, Ur = kT /q is
the thermal voltage, Vg is the gate to source voltage. Syg and Sye are the W/L ratios
of the transistors Mg and Mg, ly is 2np,Cgy (kf)zand W and L are the transistor length

and width. It can also obtain that

Iyg = %::‘flmg (3.21)

Using (3.19-3.21), the drain to source voltage of transistor M, can be given by
Vos2 = Vhetr — Vaetz = nUTln(K1) (3.22)

where K1 = {SyrSua)/(SmeSme) , and Swe, Swr, are the W/L ratios of Mg and My,
respectively. In this work, the transistor M; operates in the saturated region, the
transistors My and M5 are in the triode region. The current of M,-Ms can be described

from the following equation

1 -

Im1 = By KkSus (Veer — Vnets — Ven)? (3.23)
: v

Tvz = kSuz (Veer — Vinetz = Vin — —22) sz (3.24)
- v

Imz = kSM3 (Vref = Vip — nzetz)vnetz (3.25)

where k is the transconductance parameter of MOS transistors and the W/L ratios of
My, My and My are and Sy, Spz and Sys, respectively. As a result, Vx can be obtained

from the following equation.
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Vx = Vier — Vnetr — Vin = Vps2(Kz + Y, 1+ (Kz)z) (3.26)

where K, = Z’% Then (3.23) was substituted with (3.26) so that the reference current
1

et Is described as

Irer = K(nUr)?Kegr (3.27)

where Keff = %SMl[(KZ + 1+ (Kz)z )]H(Kl)]z

The lef is mirrored to the R-2R current splitter, which is built by using unit-sized
transistors (Mg, Mag). For N-stages splitter, the current of each stage is reduced to a
factor Ik=|ref/2k, where | is the current at the kth stage of the current splitter. The
output currents of the splitter are mirrored to the filter circuit and can be controtled

using a 3-bit digital decoder.

3.2 Post-layout simulation results

The proposed fully-differential 4"-order bandpass filter was designed and
simulated by using process parameters from a standard 0.18-um CMOS technology.
The circuit was designed to operate at 1-V single power supply voltage. The layout of
the proposed bandpass filter consisting of the a"-order bandpass filter and the
programmable current generator is shown in Figure 3.9. The total occupied area is
305 pm x 290 um. The capacitors Gy, C;, and C, are 0.8 pF, 1 pF, and 3.6 pF,
respectively. Thus, the input signal is attenuated by a factor of 5.5. The dimension of
MOSFETSs of the filter, current generator, and R-2R current splitter are summarized in

Table 3.1 and Table 3.2, respectively.

Figure 3.9 Layout of the proposed filter with the size of 305um x 290um
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Figure 3.10 Simulated current reference versus supply voltage

Table 3.1 Transistor sizes of the of the proposed bandpass filter

Components size

M, 1pm/30 ym
M, 1 pm /5 pm
M3 1 pm /30 um
My 1 um /40 pm
G 1pF

C 3.6pF

Cin 800fF

a1

Table 3.2 Transistor sizes of the current reference, the binary weight current splitting,

and the decoder

Compenents size Components size

M, 1 pm /250 pym My 10 um /0.18 pm
M, 1 um /150 um My 0.25 um /150 pm
M 1 um /50 pm Myq 0.5 pm /0.5 pm
Maseri 2 pm /50 pm Mg 10 pm /5 pm

Mg 264 pm /40 um Mza 10 pm /10 pm
Mg 4 um /40 pm Ma 4 pm /30 pm
Mig 10 pm /8 pm My 2 um /30 ym
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In this work, the PTAT current reference is 8 nA. The fixed current reference is
scaled down to picoamperes using the 8-stage binary-weight current splitter. The
total integrated output noise current of the current generator is 0.15 pA, which is
significantly less that the minimum output current of the circuit. The performance of
the current .reference is summarized in Table 3.3. The simulated current reference as
a function of the supply voltage from 0 V to 2 V is illustrated in Figure 3.10. The line
sensitivity of the current reference is 1.01%/V.

The decoder configuration of the control switches of a binary weight current
splitting and the corresponding center frequencies, which are programmable from 80
Hz to 6.18 kHz, are shown in Table 3.4.

At a nominal center frequency of 945 Hz and the Q-value of 3, |; and |, are
equal to 0.5 nA and 1nA {i.e. N=2) respectively. The core filter circuit consumes only
4 nW. The voltage buffer and the programmable current generator consume 2 nW
and 45.7 nW, respectively. Figure 3.11 shows the simulated AC magnitude responses
of the first and the second filter stages of the 8" order bandpass filter with the
center frequency of 945 Hz and the Q-value of 3. The center frequencies of the filter
are programmed by adjusting both |; and 15, which are set by the 3-bit DAC. Figure
3.12 shows the center frequency tuning characteristic of the filter. The center
frequency is tuned from 80 Hz to 6.18 kHz when |, is changed from 38.5 pA to 4 nA.
The passband gain of the filter is changed from -2.7dB to 0 dB.

The Q-value remains virtuatly constant at 3 since N is kept constant at 2. Note
that the bias current of the voltage buffer is also generated from the programmable
bias current generator so that it can be adjusted along with |; to achieve the
optimum bandwidth and power consumption. The total current consumption of the
core filter circuits (including the buffer) varies from 462 pW to 48 nW when the
center frequency is tuned. Note that one-third of the total power consumption
belongs to the buifer,

To demonstrate the Q-tuning of the filter, from (3.4) the Q-tuning can be
adjusted by changing |; and I,. Figure 3.13 shows the Q-tuning, which the Q-value was
tuned from 2 to 50 by varying N from 1.5 to 6. The center frequency was set to fix at
a nominal center frequency of 945 Hz. The current source |; and |, were used to bias

the filter independently to keep the center frequency of the filter unchanged.
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Table 3.3 Summary of the simulated performance of the current reference

Irer 8nA
Supply voltage 1V

Area 60 um x 110 um

Sensitivity to Process and Mismatch

100runs (%) %28
Line sensitivity (%/V) 1.01
Sensitivity to temperature (%/C) 0.23
Sensitivity to process corner (%) 1.25

Table 3.4 The decoder configuration of the control switches of a binary weight

current splitting and the corresponding center frequencies

Fdde | 207 | M (X WG \ [ Do NSimior 24 £,

000 1 ]o lo o lo |o |o |o |618kHz
001 g BB o ~ W edmaatats| W [Eeilidl] 4 5.2 Nz
010 A0 K1) Aeioheloloh g TR 1.75.%H8
011 o jo |o |1 Jo |o |o |o |o945Hz
100 o o e Jo |1 |o |o |o |510Hz
101 o |o o fo Jo |1 |o |0 |273Hz
110 o |o o o |0 jo |1 |0 |147THz
111 o Jo o |o |o |o |o |1 |80Hz

Transient simulations were performed to investigate the linearity of the filter
with 945-Hz center frequency and the Q-value of 3. Figure 3.14 plots the simulated
output %THD against the input amplitude when applying a 945 Hz sinusoidal input
signal. It can be seen that the output THD reaches 1% when the input amplitude is
132 mV. Two-tone intermodulation tests were also performed by applying a two-
tone input signal of 950 Hz and 1 kHz. Figure 3.15 plots the simulated third-order

intermodulation.
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Figure 3.15 The third-order intermodulation of the 4" -order filter with f, = 945 Hz

The output IIP3 is estimated to be -16 dBV. The simulated input-referred noise
voltage, integrated from 805 Hz to 1.1 kHz, is about 174.2 uV. Therefore, the
calculated input signal dynamic range is about 57.6 dB and 59.2 dB for the maximum
tolerable 1% THD and IM3. Table 3.5 summarizes the simulated performance of the
4" order bandpass filter with the center frequency tuned from 80 Hz to 6.18 kHz.
The simulated performance of the proposed bandpass filter is summarized and
compared with other prior designs as shown in Table 3.6.

In practice, the MOSFET’s transconductance and the capacitance change with
device mismatches and process variations. Hence, MOSFETs with long channel
lengths and the common-centroid and symmetrical layout are used to minimize
these effects. The effects of various non-idealities under different parameters are
verified as follows, (1) process variation and mismatches, (2) supply voltage variation,
(3) temperature variation and (4) process corner. Monte Carlo simulation was
performed to evaluate the effects of device mismatches and process variation on
the performance of the filter. Figure 3.16 shows a simulated histogram of the filter at
the center frequency of 945 Hz, which is obtained with 100 samples and a sigma of
3. Note that assuming the Gaussian statistical process variation, sigma of 3 means
that 99.73% of variations fall within +/-3 standard deviations (SD) of the mean value.

The histogram shows the mean value of 940.6 Hz with a standard deviation of 4.48
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Hz, which is equal to 0.45% of errors. Figure 3.17 shows a simulated histogram of
total harmonic distortion of 4"-order filter with 100 samples and a sigma of 3. The
result shows that the error of 1% THD is 16.3%

Figure 3.18 plots the simulated center frequency of 945 Hz and the Q-value of 3
under 5 cases of process variations as (typical-typical (tt), slow-slow (ss), fast-fast (ff),
slow-NMOS-fast-PMOS  (snfp) and fast-NMOS-slow-PMQOS  (fnsp). The worst-case
variation with process corner is 1.23%. The results show that the center frequency of
the filter is robust under process variations. The worst-case variation with
temperature ranging from 0°C — 80°C is 13.23%.

Table 3.7 summarizes the variation of the center frequency of the 4" order filter
under process, supply voltage, and temperature variations. It can be deduced that
the performance of the filter is quite robust under process and supply voltage
variations at all process corners. However, the center frequency of the filter varies
substantially with temperature due to the variation of the reference current from the
bias current generator. This can be improved by using a temperature compensated

current reference.

30.0
250 - yumber = 100-
. mean = 940625
std dev = 4478+
=3
g
3
3 15.0
5
a
g ;
2100 -
00 .k . : |
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Figure 3.16 Histogram of the center frequency of 4" _order filter using Monte Carlo

simulation with 100 samples and sigma of 3
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Table 3.5 Summary of the simulated performance of the proposed bandpass filter at

various center frequencies

Technology 0.18pum
Area 305um x 290pm =0.088mm°
Supply voltage 1V
f. (Hz) 80 147 273 510 945 1.75k 3.2k 6.18k
Power consumption of g
0.462 0.875 1.66 3.2 6 12 234 48
order filter and buffer (nW)
Input amplitude (mv)
119.2 i214 127 128 132 149 141.5 155
(@THD=1%)
Input amplitude (mv)
1585 177.8 1778 | 146.2 158.5 153.1 149.6 1479
(@IM3=-40d8B}
Input-referred noise (LV) 154.6 1543 | 157.6 | 1645 | 1742 | 188.7 | 2079 | 2135
DR (dB) (@THD=1%) 57.7 57.9 58.1 51.8 57.6 574 56.7 57.2
DR (dB) (@M3=-40dB) 60.2 60.3 61 59.0 59.2 58.2 57.1 568
FoM (x10™) 025 | 026 | 026 | 027 | 028 | 03 | 032 | 034
30.0
25.0
'std
200 @
5
g
5150
i
g
2100
50—
00} L

A4 6

1.0
THD (%)

Figure 3,17 Histogram of total harmonic distortion of 4™ -order filter using Monte

Carlo simutation with 100 samples and sigma of 3
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Figure 3.19 Comparison between FoM and power per pole with other prior designs

Different filter designs are usually compared by FoM defined in (2.16) which is

typically a ratio of power consumption needed to achieve the required number of

poles, bandwidth and dynamic range. At a center frequency of 945 Hz, the proposed

filter achieves the second best FOM comparisons in Figure 3.19. However, the best

FoM approached in [75] attain very low Q (<0.5) which may not be sufficient for

some applications such as cochlear implant and hearing aids.
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Table 3.6 Performance summary and comparison of low-power bandpass filters

Parameter (25" 817" 7™ (75" (521" | This work”
Filter order 4 2 il 4 6 il
CMOS
15 0.5 0.18 0.18 0.35 0.18
process (um)
G,,-C, usin G,-C, usin
G-C with RC, using " : " :
Architecture G, C MOSFET as G-C MOSFET as
compression | MOSFET as R
G, G
f. (kHz) 0.1-10 0.075-12 0.732 0.125-16 0.1-25 0.08-6.18
Q 14 2-10 1.5 .48 2 2-50
Power 1.32uW enwW
230nW 14.4n\W 2nW 68nW
dissipation (f.=1.18kHz, (f.=945Hz,
(f.=141H2) (f.=732Hz) (f.=1kH2) {f=670Hz)
(core filter) Q=2) Q=3)
Suppt
PPy 2.8 3.3 i 0.5 1 1
voltage (V)
input noise
776 2200 50 78 50 174.2
(uv)
THD (%) 5 4.3 1 1 1 1
DR (dB} 67.5 55 55 a7 49 57.6
FoM (x10™) £69 336 0.89 0.053 3.4 0.28
Area (mm’) n/a 0.07 0.132 0.014 0.234 0.088

*m = measurement, *s= simulation

Table 3.7 Summary of the simulated center frequencies with variations of process

parameters, mismatch, supply voltage, temperature, and process corner

Center frequency (Hz)
code Process and Supply voltage Terperature
Mismatch (100run) (10% variation) 0°C— 80°C Process comer
000 6.18k + 0.032% 6.18k + 4.82% 6.18k + 15.23% 6.18k + 1.7%
001 3.2k+ 0.023% 32k+1.97% 3.2k £ 13.38% 3.2k +1.19%
010 1.75k + 0.26% 1.75k+ 1.71% 1.75k + 12.80% 1.75k + 1.43%
011 941 + 0.48% 945+ 1.16% 945 +13.23% 945 + 1.23%
100 510 £ 0.2% 510 % 0.98% 510+ 12.75% 510 + 1.39%
101 272 + 0.49% 273 £ 0.55% 273 +£12.82% 273 £ 2.01%
110 146.5 + 0.6% 147 + 0.54% 147 +12.24% 147 £ 3.20%
111 80 £ 0.62% 80+ 0.75% 80 + 47.5% 80+ 5.44%




Chapter 4

A 6-bit, two-step successive approximation

logarithmic ADC

ADC is one of the key building blocks interfacing between analog signals and
digital processing. For biomedical apptications, the conversion of low-frequency
biopotential signals does not require high speed but low power dissipation.
Logarithmic ADC is used where wide dynamic range is required such as cochlear
implants, hearing aids, neural recording and stimulation. It can directly convert and
compress input signals with logarithmic encoding. The logarithmic ADC offers
attractive solutions for reduced hardware complexity, low-power consumption, the
abitity to handle large input signal dynamic range, reduction of noise and data bit-
rate, and compensation of nonlinear sensor characteristics.

This chapter presents the architecture and the circuit level implementation of
the proposed logarithmic ADC. The design specifications and considerations are
introduced in section 4.1. The proposed logarithmic SAR ADC along with the
operation is discussed in section 4.2. Section 4.3 describes the detailed circuit
implementation of ADC building blocks including the logarithmic and linear DAC,
comparator, buffer, and SAR control logic. The post-layout simutation and
measurement results are described in section 4.4 and section 4.5, respectively.
Section 4.6 provides the conclusion of the chapter.

4.1 Design specifications and considerations

The proposed logarithmic ADC is tareeted for a replacement of linear ADC in
some applications such as cochlear implants, neural recording and DBS which require
wide dynamic range. The logarithmic ADC resolution is set by the current stimulator
resolution in the electrode for a cochlear implant or DBS. In this work, 6 bits, 25 kHz
sampling frequency are selected. For achieved the design specifications, this work
employs the following methods:

1) As the desired information of neural and audio signals are more concentrated

on the smaller amplitudes of the signal, a logarithmic ADC characteristic is chosen.
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2) The SAR ADC architecture is selected to realize the logarithmic characteristic
since it provides high energy efficiency, and a simple structure, requiring only a
comparator, a bank of capacitors with switches, and a small amount of digital control
logic.

3) A straightforward method to realize a logarithmic SAR ADC is to employ the
conventional tinear SAR ADC structure and substitute the linear charege redistribution
DAC with a logarithmic counterpart. However, it is very difficult to achieve practically
due to noise, linearity and matching constraints. A two-step charge redistribution DAC
is proposed which is equivalent to a piecewise linear approximation of the
logarithmic function.

4.2 The system architecture of the SAR logarithmic ADC

Figure 4.1 shows the system architecture of 6-bit, two-step SAR logarithmic ADC
consisting of S/H, logarithmic and linear DAC, comparator, buffer and SAR control
logic. An N-bit logarithmic ADC converts Vi, to N-bit digital output code (Do)
described previously by (2.19). The ADC’s logarithmic mapping relationship can be
adjusted by the values of C and b. in this work, b=2 and C=8 are chosen to design
the logarithmic ADC with because the threshold voltage values (see Table 2.3) are in
the form of powers of 2, which allows an easy and practical realization of the
logarithmic charge redistribution DAC. However, using (2.19), the 6-bit logarithmic ADC
with b=2 and C=8 will have LSB;, = 0.354mV (i.e. equivalent to LSB of an 11.5-bit
linear ADC) which is very difficult to achieve practically due to noise, linearity and
matching constraints.

To alleviate this practical difficulty, a two-step charge redistribution DAC is
proposed. The first conversion step performs a 3-bit logarithmic coarse conversion
and the second step performs a 3-bit linear fine conversion. This is equivalent to a
piecewise linear approximation of the logarithmic function, as depicted in Figure 4.2,
The first conversion step employs two 3-bit logarithmic DACs and determine the
segment of the piecewise linear approximation (i.e. ([S1~52], [S2 —$3],..). The digital
output code for logarithmic quantized can be derived as (2.19). The second step

employs a fine conversion which the input signal is the linear quantized in segment.
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Figure 4.1 Simplified block of the proposed SAR logADC

The operation of the SAR logarithmic ADC is identical to its linear counterpart. It
requires N clock cycles and N comparisons to complete a conversion. The conversion
is successively from the most significant bit (MSB) to the least significant bit (LSB).
The algorithm starts by 3-bit logarithmic DAC of segment selection. The comparator
compares the input voltage with the threshold voltage levels from the logarithmic
DAC. Depending on the comparison outcome, the output comparator is then
processed by the digital control logic, which generates a control signal to the
logarithmic DAC. Assuming that the comparator output voltage Voms is high, the
voltage levels from the logarithmic DAC is set VDAC(5+1)=VDAC(i;5<2i, i=1,2,..N. if Veomp i
low, the voltage levels from the Logafithmic DAC is set VDAC(,-H;:VDAC(D/ZE. The
sequence successively repeated until all 3-bit logarithmic coarse conversions are
decided. The flow graph for the SAR logarithmic approach is shown in Figure 4.3.
Ficure 4.4 represents afl possible conversions of 3-bit logarithmic switching
procedures.

For the second step, a linear ADC is used to digitize the input signals for the
remaining 3 bits. The analog output voltages of the logarithmic DACs will be utilized
as the high and low reference voltages (Vpery and Vger) for the linear DAC. This can
be obtained by setting Vegra=2Vrer1, Where Vege; and Vpgr, are the reference voliages
of the logDAC; and logDAC,, respectively. Thus, given the same digital input code,
the analog output voltage of logDAC; is twice that of 1logDAC, (i.e. Ve = 2Vper)



54

corresponding to the boundary of each segment. For example, the output codes
from the first conversion, DsD4Ds are 100 which are in the S5-56 segment of Figure
4.2. The conversion is then successively comparing the input voltage with the
threshold voltage levels from the linear DAC which equal to mid-scale-level of the

S5-56 segment. The process repeats until all 3-bit linear fine conversion is decided.

3-MSB output digital code

11— | T
piecewise-linear- | P I B
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Figure 4.2 Piecewise linear approximation of the proposed 6-bit SAR logarithmic ADC
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Figure 4.3 The flow graph for the SAR logarithmic approach
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4.3 Circuit Implementation of the ADC

In this section, the detailed implementation of the circuit building blocks of the
logarithmic ADC including capacitive DAC, comparator, buffer, and the SAR control
logic is described as follow.

4.3.1 Capacitive DAC

The capacitive DAC determines the accuracy of SAR ADC as it generates voltage
levels to compare with the comparator in bit-conversion phases. The precisely ratio
capacitors are important as the number of bits increase, the ratio of the MSB
capacitor to the LSB capacitor becomes more difficult to control which turns to
significant mismatch issues. Therefore, each capacitor in the array is constructed out
of a unit capacitance. The unit-size capacitance should be kept as small as possible
to reduce the charging or discharging energy during capacitor switching. However, a
small capacitance exhibits larger thermal noise (KT/C) and is more sensitive to
process variation.

The logarithmic DACs and linear DAC, which the control switch (Sg) signal are
generated by the SAR control logic, are realized as depicted in Figure 4.5. Note that
the choice of b=2 and C=8 allows an easy and practical implementation of the
logarithmic DACs’ capacitor arrays since all capacitance values are in the form of an
integer multiple of a unit-size capacitance (Cyy). The total capacitance for each
logarithmic DAC is 128C i thus LSBp, is equal to (1/128)Vegr:. Considering the kT/C
and matching accuracy, Cynir of the logarithmic DACs and linear DAC are set to 50 fF
and 800 fF, respectively. Thus, the total capacitance used in the logarithmic DACs
and linear DAC are 12.8 pF and 6.4 pF, respectively. Figure 4.6 shows the layout
floorplan of the capacitor arrays. These employ symmetrical common-centroid with
surrounding the dummy grounded capacitors, to improve the matching from
parasitics, cutting edge effects and process variation. To minimize the effects of
charge injection, the bottom-plate sampling is employed, and CMOS transmission

gates realize all switches.
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4.3.2 Double-tail latch-based comparator

The comparator is one of the most important building blocks in SAR ADC. It
generates a logic output high or low based on the differential input voltage. The
comparator based on the topology in [90] is shown in Figure 4.7. This topology
consists of two stages: input gain stage with current mirror active load and output
latch stage. The operation of the comparator is as follow: The PMOS differential pair
converts the differential input voltage into a differential output current. Assuming the

case Vi, > Vi, Voun discharges faster than Ve (discharged by the drain current lys >
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s, Where lye= lwe and lys= Iws from the current mirror ). The corresponding pMOS
transistor {(Mye) will turn on the latch regeneration caused by back-to-back inverters
(Mio, My; and Mgz, My3). Thus, Voum pulls to high and Ve discharges to low. If Vi, <
Vi, the circuits works vice versa.

The cross-coupled NAND gates are used as SR latch to store the output of the
comparator then keep it fixed in the reset phase. Inverters are used in between to
prevent output glitching while the comparator is latching.

The proposed 6-bit logarithmic ADC has the minimum LSB size of 488.28 pV.
Note that it is calculated from the minimum analog output voltages of the
logarithmic DAC,; and DAC; divided by 9 from the 3-bit linear DAC. The input offset

voltages of the comparator should be smaller than 0.5 LSB.

Voutp vcutN VoutP VoutN
reset
v, G M, LM e

15

Figure 4.7 Double-tail latch-based comparator

The offset comparator originates from mismatches non-identical devices such
as input transistor pair. Therefore, the behaviour of the comparator might arbitrarily
change as the comparator may result in the high voltage at its output when the
input voltage is less than the reference voltage. Also, it may lead to low voltage

when the input voltage is higher than the reference.
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The offset comparator is impacted by process variation, which can be formulated as

follows:
2
0'gamp = o?(AVp) + (%) (4.1)
where
o2 (AVy) = B (4.2)
T~ wiL :
c(aB)\? _ AR
(ZB) = 2 (4.3)

Therefore, the second term in equation 4.1 is neglected and the input referred

offset of a comparator can be approximated by

Ay.
Ocomp = Tors (4.4)

Hence, the areas of the input differential pair should be designed to be large so
as to address the common-mode input dependent offset. Transistor sizes of double-
tail static latch comparator are summarized in Table 4.1

The simulated input voltage difference and the percentage of probability

output=high are shown in Figure 4.8

Table 4.1 Transistor sizes of double-tail static latch comparator

Components size Components size
M, 40 pm /2 um Mg 10 pm /10 pm
M 40 um /2 pm Mig 3 pm /0.5 pm
Ms 60 um /2 pm My 3um /0.5 um
Ma 60 um /2 pm Mz 4 um /0.5 um
Ms 60 um /2 pm M 4 um /0.5 pm
Mg 60 pum /2 pum Myq 4 um /1 pm
M; 10 pm /10 pm Mys 4 um /1 pm
Mg 10 pm /10 pm
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4.3.3 Buffer

The analog output voltages of the logarithmic DACs will be used as the high
and low reference voltages for the linear DAC. The remaining 3 bits are realized
through the linear DAC. The voltage buffer is required to transfer logarithmic DAC
voltage to linear DAC. It prevents the loading effect between the logarithmic DAC
and linear DAC. The buffer should be able to handle the wvoltage levels from
(1/128)Vpgr1 2 to (127/128Wgery » which is equal to 3.906 mV to 0.992 mV

A two-stage opamp CMOS is an implementation for the unity-gain voltage buffer

as shown in Figure 4.9, The first-stage opamp is the folded-cascode with single-ended
output while the second-stage is a simple common-drain amplifier. Transistor sizes of
the unity-gain voltage buffer are summarized in Table 4.2,

The overall voltage gain can be expressed as

Ay = [gmm [gm14To14(To2//Toa)l//(8mi1To11T010) X Bmis (;gml— //Tom)] (4.5)

15

The minimum and maximum output swing voltage of the first-stage opamp is

determined by
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VDS(sat)4- + VDS(sat)ll = Vour = VDD — VSD(sat)lO - VSD(sat)ID (4-6)

The minimum and maximum output swing voltage of the second-stage opamp

is given by

Vbs(satis = Vout < Vpp — Ves1s (4.7)

The unity-gain buffer was simulated under 1.8V single power supply voltage.
The bias current was set to 100nA. Figure 4.10 shows the tracking behaviour of the
output unity-gain buffer with sweeping input voltages from -0.25V to 1.2V. It can be
observed that the output follow the input which is sufficient for the design
requirement. Figure 4.11 depicts the simulated transient response to a 20-kHz, 1-V
step input under a 6.4 pF load capacitor. The slew rates are found to be 0.53V/us
and 0.55 V/us for the rising and falling edges, respectively.

Voo
2 M, IJ M, M“J My ——— My
[ |- | v
M12 I_ﬁl Mu
GD IU Vln'_—| Ml Mz I_Vgut v —_|E M
| bias2 I 15
— Ml3 ] E MM __OV
out
Vbi 2
I I — aé_”: M
M, n_,l M, |L,| M, 16

=

in

Vout
I 6.4pF
Iclinearmc

Figure 4.9 The schematic diagram of the two-stage folded-cascode as the voltage
buffer
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Table 4.2 Transistor sizes of unity-gain voltage buffer

Components size Components size
M, 20 pm /3 um My 2 pm /8 pm
M, 20 pym /3 um Myp 2 pm /4 pm
Ma 6 um /4.5 pm My, 2 pm /4 ym
My 6 um /4.5 um Myz 2 um /4 pm
Ms 6 um /4.5 um My, 1.5 um /5 um
Mg 6 um /4 pm Myq 1.5 um /5 pm
My & pm /4 pm Mys 40 um /1 pm
Mg 6 prn /4 pm Mig 1 pm /8 pm
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4.3.4 Synchronous SAR control logic

The proposed ADC utilizes synchronous SAR logic. It generates the necessary
control commands depending on the value of bits successively based on the result
of the comparator.

Figure 4.12 shows the SAR control logic including a shift register called a
sequencer (the lower flip-flop row) and a code register (the upper flip-flop row).
Figure 4.13 shows the time sequence of the SAR logic. Eight clock cycles are required
to complete a single conversion, with six clock cycles for conversion and two cycles
for sampling data and storing data. A 200-kHz system clock and the sampling clock of
25 kHz are used. The 1% clock cycle is the reset phase which is needed for avoiding
the possible residual charge of the DAC. The input is also sampled in this cycle to
track the input signal. The 2™ clock cycle, the comparator performs a comparison
between the input signal and the threshold voltage levels from the DAC. Based on
the comparator result, the data is stored in the registers. The control signals for the
DAC are generated using both the outputs of the sequencer and the data register.
The DAC then sets the threshold voltage levels for the next conversion cycle. The
same process is successively repeated for MSB to LSB which is in the 2" to 7" clock
cycle to complete the conversion process. The 8" clock cycle latches the output

data.
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Figure 4.13 The time sequence of the SAR logic

4.4 Post-layout simulation results

The proposed SAR logADC was designed and simulated with process

parameters from a standard 0.35um CMOS technology under 1.8V single power

supply voltage. The hold capacitance of the sample-and-hold circuit is 7.8 pF. The

ADC’s full-scale input range is set to 1V. The reference voltages of logarithmic DAC,;

and logarithmic DAC, were set to 0.5V and 1V, respectively. The sampling frequency

is 25kHz. All results presented in this section are obtained from post-tayout

simulations including extracted parasitics. The dynamic power consumption of the

ADC is dependent on the input signal amplitudes and varies from 4.36 W to

14.6 PW.
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Figure 4.14 shows the ideal and simulated input-output characteristics of the
proposed logarithmic ADC. The input range, from 3.9 mV to 0.9375V produces the
digital output code from 0 to 63. Figure 4.15 shows the calculated differential
nonlinearity (DNL) and integral nonlinearity (INL), which are in the range of +0.26/-
0.32LSB and +0.19/-0.45LSB, respectively.

The dynamic performance of the ADC is evaluated by performing transient
simulations with time-varying input voltage signals. In a linear ADC, a sinusoidal input
signal is used, and the output digital codes are converted to the waveform to
calculate the effective number of bit (ENOB) and the signal-to-noise-and-distortion
ratio (SNDR).

However, for a logarithmic ADC, an exponential function of a sinusoidal
waveform is more suitable because it produces a sinusoidal waveform of the digital
output codes [86]. In this work, a simple common-source amplifier with a weak-
inversion input PMOS and a resistor load is used to generate the desired exponentiat
input waveform. Figure 4.16 shows the waveforms of the exponential input voltage
and the reconstructed output of the ADC when a 100 mV, 100 Hz sinusoidal signal is
applied to the common-source amplifier. The ADC input signal has a voltage swing
between 3mV to 850mV, and the reconstructed ADC output has a voltage swing
between 0.2V to 0.7V. A 4096-point Fast Fourier Transform (FFT) was used to
calculate the spectral component of the reconstructed ADC output. The signal-to-
noise-distortion ratio (SNDR) is 31.7 dB, which is equivalent to an effective number of
bits (ENOB) of 4.97. The proposed ADC achieves the maximum resotution of 11-bit
when the input amplitude is below 7.81 mV and achieves the minimum resolution of
d-bit when the input amplitude is more than 0.5V. Therefore, the dynamic range is
66 dB. Note that the dynamic range is 30 dB higher than that of a 6-bit linear ADC.

The FoM as defined previously in {2.17) used to compare the performance of
the proposed ADC with other reported ADCs. The proposed ADC achieves the FoM of
18.6 pJ/conversion-step with the average power of 9.23 uW. The performances of the
proposed ADC are summarized and compared with other prior designs as shown in

Table 4.3.



Table 4.3 Performance summary and comparisons

Parameter type This work (8a)™ 91]° [86]° (83"
Type Logarithmic Logarithmic Logarithmic | Logarithmic | Exponential
Topology SAR Dual-slope Pipeline Cyclic SAR
Supply 18 3 1.62 1 1.8
Power 4.36-14.6 pW 3 uwW 2.54 mwW 0.33 pw 40 pWw
Sampling rate 25 kS/s 300 S/s 22 MS/s 1 kS/s 25 kS/s
Number of bits 6 8 8 6 8
ENOB (bit) 4.97 7.85 5.62 5.95 N/A
Full-scale range 1V 350 nA 1V 100 nA 1V
Max. INL +0.19/-0.45 0.5 0.77 0.88 +4.3/-2.1
Max. DNL +0.26/-0.32 1 0.32 0.8 +0.8/-0.9
SNDR (dB) 31.7 49 35.6 37.6 N/A
DR 66 60.1 80 40 64.1
FoM
18.6 41.7 238 555 N/A
(pJ/conv-step)
Area (mm’) 0.164 4.84** 0.56 N/A 0.036
Process (um) 0.35 1.5 0,18 0.18 0.18
*m = measurement, *s= simulation
**with PAD and testing circuit area
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Figure 4.14 Input-output characteristic of the proposed 6-bit logADC
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4.5 Measurement results

The full micrograph and the zoomed-in view of proposed ADC are depicted in
Figure 4.18 which occupies a totat area of 0.164 mm? (400 umx 410 pm). Figure 4,19
depicts the schematic of the ADC test setup. The sinusoidal differential input and the
reset and clock signals are provided using Agilent 30 MHz function/arbitrary waveform
generator AFG3102. Keithly 2602A source meter is used to provide the reference bias
current to the chip. The power supply and voltage reference are from the voltage
regulator which supply from the 3V battery. Power supplies and voltage reference
are decoupled on board as well as on-chip. Figure 4.20 shows a photograph of the
test PCB.

Figure 4.21 Measured input-output characteristic of the prototype 3-bit
logarithmic SAR ADCFigure 4.21 plots the measured 3-bit course conversion input-
output characteristics of the prototype chip, compared with the theoretical and post-
layout simulation when input voltage is increased from 0 to 1V. The transfer
characteristics exhibit linearity over the input amplitude ranging from 0.01 V to 1V,
which is equal to the input dynamic range of 40 dB. Figure 4.22 plots the calculated
integral nonlinearity (INL) and differential nonlinearity (DNL). The maximum INL and
DNL are +0.2/-0.1 LSB and +0.5/-0.1 LSB, respectively.

Figure 4.23 shows the measured 6-bit, two step input-output characteristic of
prototype chip compared with the theoretical and post-layout simulation. The
transfer characteristics exhibit linearity over the input amplitude ranging from 0.01 V
to 1V for 3-bit course conversion. For 3-bit fine conversion, the transfer characteristics
exhibit linearity over the input amplitude ranging from 0.1 V to 1V. The input is
below 0.1V for 3-bit course conversion At Vin < 0.1V, the fine conversion error may
occur from the commode-noise coupling in the input, power supply due to the
single-ended structure is unable to suppress even harmonic distortions, noise as the

maximum LSB step size in only 3.9 mV.



Figure 4.18 Layout of the proposed logADC with the size of 400 um X 410 pm
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Figure 4.19 The schematic of test setup
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Chapter 5

Conclusions and future work

This thesis has described the design and implementation of ultra-low power
biomedical sensor interface circuits, in particutar, the BPF and ADC that are suitable

for implantable medical devices.

5.1 Conclusions

In Chapter 1, the motivation of innovations in healthcare technology and
background of implantable medical innovations was discussed. The cochlear implant
and neural recording and DBS are examples of implantable medical devices which
present many challenging issues still needed to be addressed. Low power dissipation
is the main concern for a system which is desired to be operating for up to 10 years
without the need for a battery replacement. The BPF and ADC, which are parts of
the analog front-end block, are designed and realized in this research work.

An overview of low power BPF and ADC was described in Chapter 2. G-C filter
topologies have shown to be a good choice in low-power and tow-voltage systems.
Various techniques to improve linearity performances of the G, the subthreshold
operation and the gyrator-based active inductor were reviewed. Several design
strategies for low power BPFs have attempted to meet requirements of the low
noise, wide dynamic range, compact physical area, low-power consumption and
wide-tuning range filter. In the second part of this chapter, a performance
comparison of various architectures of ADCs was described. The SAR architectures
have shown to be high energy efficiency and a simple structure. The logarithmic
coding technique offers an attractive solution for systems requiring wide dynamic
range, such as in neural recording and cochlear implant.

In Chapter 3, a low-power, tunable high-Q 4th-order G,-C BPF based on the
gyrator-C active inductor was proposed. The filter structure was realized by using a
single MOSFET as the transconductor element. The capacitive input attenuation
technique was used to improve the linearity of the filter. The filter was verified by
post-layout simutation in a 0.18 um CMOS technology. The power consumption of
the filter was in the order of pW to a few nW depending on the center frequency.

The quality factor, passband gain and center frequency were easily tunable from 80
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Hz to 6.18 kHz by changing the transconductances. The cascode active inductor and
negative resistance techniques have been employed to improve the guality factor.
The Q-value of the filter was tuned from 2 to 50 by varying the ratio of the bias
current of transconductor.

A two-step logarithmic SAR ADC was described in Chapter 4. The two-step ADC
conversion was proposed to achieve a piecewise linear approximation of the desired
logarithmic function. The DAC presented in this work was divided into logarithmic
DAC and linear-DAC. The filter has been verified by post-layout simulation and
measurement in a 0.35 um CMOS technology. The entire system consumed 4.36 pW
to 14.6 uW from a 1.8 V supply. The SNDR was 31.7 dB, which is equivalent to the
ENOB of 4.97. The ADC achieves 18.6 pJ/conversion-step, maximum INL and DNL of
0.45 LSB. The proposed ADC succeeds the maximum resolution of 11-bit when the
input amplitude is below 7.81 mV and achieves the minimum resolution of 4-bit

when the input amplitude is more than 0.5 V.

5.2 Possible future work
This section lists the future work that can be done to improve the performance

of the proposed circuits in this work.

1.  Although a higher-order bandpass filter can be cascading a number of second-
order filter stages, it requires a voltage buffer to avoid the loading effect
between two identical 2™-order filter. This should be developed by design
each 2™ order filter stage independently thus the design of a higher-order filter
is greatly simplified. This can allow for further reduc'ing power consumption and
chip area.

2. The proposed single-ended logarithmic ADC in Chapter 4 should be designed to
a fully-differential to suppress even harmonic distortions, common-mode noise

and to increase signal swing.
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APPENDIX A

Analysis of the o"_order active inductor based G,,-C

bandpass filter

A.'1 Transfer function

Cin
Vol

o2

Figure A.1 Block diagram of a single-ended, 2" order bandpass filter topology

Consider the block diagram of a single-ended, 2"-order Gm-C bandpass filter
topology shown in Figure A.l. We note that in order to simplify analysis, the

transconductances of the transconductors are constant. Write KCL at node V; and

node Vgt
Node V4 SCin(Vin — V1) = Gz Voue + (Goz + sC)Vh
(A1)
Node Vou G1 V1 = Vour(Gos + 5Cy)
(A.2)
Then
V1 — Vout(Gga+5C4) (A3)
Gl

Then (A.1) was substituted with (A.3) so that the transfer function H, is described as

$C Vi — SCinVoutéfo1+SC1) = GpaVour + (Goz + scz)v"“‘(%@ (A.4)

(A.4) become
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ScinGml
Vout __ C1(C2+Cipn) (A5)
Vin - SZ+S( Go2z :G01)= Gmi1Gmai + Go1Go1 "
C2+Cip  Cg Cl(c2+cin) Cl(Cz-l-Cin)
We assume —miSmi Go15a1
C1(Cz2+Cip) *° C1{Ca+Cip)
8CinGm1
VOUt ~ Cl(C2+Cin) (A 6)
Vin SZ+S( Goz :Go1): Gmi1Gma1 '
C2+Cjpy C1/ C1{C2+Cip)

The transfer function of a generic bandpass is

o

H(s) = K —— 2 (A7)

[T+] 2
s245=4w
Q 0

For the proposed G,,-C bandpass filter, the center frequency is given by

B Gm1Gma1
s o X ) (A8)
Solving for the quality factor (Q)

wp Goz Go1
—_— = L == A10
Q C2+Cjn - Cy ( )

2 VGm1Gm2C1(Cint+Cz2) (A 11)
Go2C1+Go1(Cin+C2) .

And the passband gain K is

o} — SCinGm1
k() =it (A1)
K Gm1Cin (A12)

T GgzC1+Goy (Cin+Cz)
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